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Preface

The engineer is often confused when faced with his/her first
oscillator design. Other electrical engineering disciplines have
evolved procedures for designing specific networks. A classic
example is electrical filter design where many aspects have been
reduced to cook-book simplicity With experience, the engineer
develops a feel for the practical problems involved in filter design,
and applies creative solutions to these problems. But the appren-
tice has many references with well-outlined approaches to the
problems. For the RF and microwave oscillator apprentice, the
approach is often less effective. Typically, the literature is
searched for an oscillator type similar to that needed for the
present requirement. Component values are modified and a
prototype is constructed to complete the design. This approach is
fraught with difficulty Lacking is an understanding of the fun-
damental principles involved. A large number of variables affect
oscillator operation, and if the performance is inadequate, the
apprentice is uncertain about a solution. Although much litera-
ture exists concerning oscillators, each reference typically ad-
dresses a specific oscillator type. A fundamental understanding
of the concepts is all too often buried in pages of equations.

The purpose of this book is to demystify oscillator design and
provide a practical reference on the design of RF and microwave
oscillators. The thrust of the book is on concepts, a unified design
approach to a variety of oscillators, and verification of the design
via computer simulation. This is not a book of mathematics.
Equations are included only when they contribute to fundamen-
tal understanding, determine component values, or predict
oscillator performance.
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Design begins with a linear approach. An active amplifier is
cascaded with a passive frequency-selective resonator. The cir-
cuit small signal open-loop gain/phase (Bode) plot is considered.
To form the oscillator, the loop is closed. Oscillation builds until
limiting occurs which reduces the loop gain to unity The linear
Bode plot describes many aspects of oscillator performance. The
non linear characteristics of the loop amplifier are considered
independently Together, these considerations predict nearly all
aspects of oscillator behavior including the gain/phase oscillation
margin, oscillation frequency, noise performance, start-up time,
output level, harmonic level, and conditions conducive to spurious
oscillation. This design approach is applied to a variety of oscil-
lators using bipolar, JFET, MOSFET, and hybrid/MMIC active
devices with L-C (inductor-capacitor), transmission line, SAW,
and piezoelectric resonators.

If the amplifier and resonator were ideally simple, the mathemat-
ics involved for a complete linear solution would be simple.
Accurate active-device models at RF and microwave frequencies
are complex. Therefore, solving the equations for the loop, while
not conceptually difficult, is typically tedious. The exact equa-
tions and techniques are different for each oscillator type, which
discourages a unified design approach. Instead, why not leave
the burden of computing the network responses to a general-pur-
pose circuit simulation computer program? The accuracy and
convenience of these programs is now mature. Dealing with a
plethora of practical problems, such as component parasitics,  is
simple for a simulation program. The designer may ponder the
concepts and solutions, while the computer handles the tedium
of analysis. A unified approach to oscillator design is encouraged
in this environment.

Most of the specific oscillator designs covered in this book are old
friends of mine. Over 1 million units of a 300-MHz crystal
controlled transmitter based on the Butler overtone oscillator
with built-in frequency multiplier were constructed by Scientific-
Atlanta, my former employer. Many other designs have been
constructed by the thousands.



Preface xv

This is the second edition of a book originally published by
Prentice Hall. This second edition includes significant updates
and over 100 pages of new material. The new material includes
remarks relating open loop oscillator theory to classical terminol-
ogy It expands resonator theory to include additional L-C forms
and popular ceramic loaded coaxial resonators. The material on
negative resistance oscillators is substantially updated and ex-
panded. Chapter 6 on computer aided techniques is rewritten to
include recent advances and Spice-based oscillator analysis. A
new Chapter 12 includes case studies of typical oscillator specifi-
cations and descriptions of the design procedures used to satisfy
those requirements.

I would like to thank Larry McKinney of Scientific-Atlanta for
thought-provoking discussions and sharing design experiences
and data. I would also like to thank Crawford Patterson for
layout and edit work on this second edition.

Randall W. Rhea
Stone Mountain, Georgia
January 2,1995



Analysis Fundamentals

For this section, we assume that networks are linear and time
invariant. Time invariant signifies that the network is constant
with time. Linear signifies the output is a linear function of the
input. Doubling the input driving function doubles the resultant
output. The network may be uniquely defined by a set of linear
equations relating port voltages and currents.

1 .I Voltage Transfer Functions

Consider the network in Figure 1-1A terminated at the generator
with Rg, terminated at the load with RI, and driven from a voltage
source I& [l]. Et is the voltage across the load.

The quantity Eavail is the voltage across the load when all of the
available power from the generator is transferred to the load.

E 4-RI E_A
avait = R&? 2

1.1

For the case of a null network with RI = Rg,

1.2

since one-half of Eg is dropped across Rg and one-half is dropped
across Rt. For the case of a non-null network, dividing both sides
of the equation 1.1 by Et gives

Eavait
Pt &-= - -

El Rg 2E1
1.3
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Rg I I

A

-_,
al

f-
a2

c- -
bl B b2

Figure l-l A linear, time-invariant network defined in terms of
terminal voltages (A) and in terms ofport incident and reflected
waves (B).

We can then define the voltage transmission coefficient as the
voltage across the load, El, divided by the maximum available
voltage across the load Eaaaiz,  or

El
t===Fg m--

RI Eg
1.4

This voltage transmission coefficient is the “voltage gain” ratio.
For the case with Rg = Rz, since Eg = 2Ez,  the transmission
coefficient is 1.
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1.2 Power Transfer Functions

The power insertion loss is defined as

1.5

where the voltages and resistances are defined as before, Pnuzz is
the power delivered to the load with a null network and Pl is the
power delivered to the load with a network present. Figure l-2
depicts Pd as a function of RI with a null network, I&T  = 1.414 volts
and Rg = 1 ohm. Notice the maximum power delivered to the load
occurs with RI = 1 ohm = Rg.

When RI is not equal to Rg, a network such as an ideal transformer
or a reactive matching network may re-establish maximum

Figure 1-2 Power delivered to the load versus the termination
resistance ratio.
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power transfer. When inserted, this passive network may there-
fore result in more power being delivered to the load than when
absent. The embarrassment of power “gain” from a passive device
is avoided by an alternative definition, the power transfer func-
tion

Pavail RI Eg 2 1-_-=_- _I IPI 4Rg El t2
1.6

where

1.7

When RI = Rg, these definitions are identical.

1.3 Scattering Parameters

The networks depicted in Figure l-l may be uniquely described
by a number of two-port parameter sets including H, E: 2, ABCD,
S and others which have been used for this purpose. Each have
advantages and disadvantages for a given application. Carson
[2] and Altman [3] consider network parameter sets in detail.

S-parameters have earned a prominent position in RF circuit
design, analysis and measurement [4,5].  Other parameters, such
as E: 2 and H parameters, require open or short circuits on ports
during measurement. This poses serious practical difficulties for
broadband high frequency measurement. Scattering parameters
(S-parameters) are defined and measured with ports terminated
in a reference impedance. Modern network analyzers are well
suited for accurate measurement ofS-parameters.  S-parameters
have the additional advantage that they relate directly to impor-
tant system specifications such as gain and return loss.

As depicted in Figure 1-lB, two-port S-parameters are defined by
considering a set of voltage waves. When a voltage wave from a
source is incident on a network, a portion of the voltage wave is
transmitted through the network, and a portion is reflected back
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toward the source. Incident and reflected voltage waves may also
be present at the output of the network. New variables are
defined by dividing the voltage waves by the square root of the
reference impedance. The square of the magnitude of these new
variables may be viewed as traveling power waves.

I al I 2 = incident  power wave at the network input 1.8

I bl I 2 = reflected power wave at the network input 1.9

I a2 I 2 = incident power wave at the network output 1.10

I b2 I 2 = reflected power wave at the network output 1.11

These new variables and
by the expressions

bl = a&l + m&2

b2 = aAl + a&2

blSi2 = --,a1 = 0
a2

b2Szl=za2=0

bz&2=gal=O

the network S-parameters are related

1.12

1.13

1.14

1.15

1.16

1.17

Terminating the network with a load equal to the reference
impedance forces ag = 0. Under these conditions.

bi
s11=--& 1.18

bz
s21=--& 1.19

S11 is then the network input reflection coefficient and S21 is the
forward voltage transmission coefficient t of the network. When
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the generator and load resistance are equal, the voltage trans-
mission coefficient defined t earlier is equal to S21. Terminating
the network at the input with a load equal to the reference
impedance and driving the network from the output port forces
al = 0. Under these conditions.

1.20

bl
s12=-& 1.21

S22 is then the output reflection coefficient and S12 is the reverse
transmission coefficient of the network.

The S-parameter coefficients defined above are linear ratios. The
S-parameters also may be expressed as a decibel ratio.

Because S-parameters are voltage ratios, the two forms are
related by the simple expressions

I SII I = input reflection gain (dB) = 20 log I SII I 1.22

I S22 I = output reflection gain (dB) = 20 log I S22 I 1.23

I SZI I = forward gain (dl3) = 201og  I SZI I 1.24

I S12 I = reverse gain (dB) = 201og  I SE I 1.25

To avoid confusion, in this book, the linear form of the scattering
coefficients are referred to as CII, C21, Cl2 and C.22. The decibel
form of S21 and S12 are often simply referred to as the forward
and reverse gain. With equal generator and load resistance, S21
and S12 are equal to the power insertion gain defined earlier.

The reflection coefficients  magnitudes, I S11 I and I S22 I are less
than 1 for passive networks with positive resistance. Therefore,
the decibel input and output reflection gains, I S11 I and I S22 I ,
are negative numbers. Throughout this book, S11 and S22 are
referred to as return losses, in agreement with standard industry
convention. Therefore, the expressions above relating coefficients
and the decibel forms should be negated for S11 and S22.
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Input VSWR and S11 are related by

VSWR =
1 + I is11  I

l- ISill
1.26

The output VSWR is related to S22 by an analogous equation.
Table l-l relates various values of reflection coefficient, return
loss, and VSWR.

The complex input impedance is related to the input reflection
coefficients by the expression

1.27

The output impedance is defined by an analogous equation using
s22.

Table l-l Radially Scaled Reflection Coefficient Parameters

VSWR Srl(dB) Cl7 V S W R

40.0 0.0101 1.020
30.0 0.032 1.065
25.0 0.056 1.119
20.0 0.100 1.222
18.0 0.126 1.288
16.0 0.158 1.377
15.0 0.178 1.433
14.0 0.200 1.499
13.0 0.224 1.577
12.0 0.251 1.671
10.5 0.299 1.851
10.0 0.316 1.925
9.54 0.333 2.000
9.00 0.355 2.100
8.00 0.398 2.323
7.00 0.447 2.615

6.02 0.500 3.000
5.00 0.562 3.570
4.44 0.600 3.997
4.00 0.631 4.419
3.01 0.707 5.829
2.92 0.714 6.005
2.00 0.794 8.724
1.94 0.800 8.992
1.74 0.818 10.02
1.00 0.891 17.39
0.915 0.900 19.00
0.869 0.905 20.00
0.446 0.950 39.00
0.175 0.980 99.00
0.0873 0.990 199.0
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1.4 The Smith Chart

In 1939, Phillip  H. Smith published an article describing a circu-
lar chart useful for graphing and solving problems associated
with transmission systems [6]. Although the characteristics of
transmission systems are defined by simple equations, prior to
the advent of scientific calculators and computers, evaluation of
these equations was best accomplished using graphical tech-
niques. The Smith chart gained wide acceptance during an
important developmental period of the microwave industry The
chart has been applied to solve a wide variety of transmission
system problems, many which are described in a book by Phillip
Smith 171.

The design of broadband transmission systems using the Smith
chart involves graphic constructions on the chart repeated for
selected frequencies throughout the range on interest. Although
a vast improvement over the use of a slide rule, the process is
tedious except for single frequencies and useful primarily for
training purposes. Modern interactive computer circuit simula-
tion programs with high-speed tuning and optimization proce-
dures are much more efficient. However, the Smith chart remains
an important tool as an insightful display overlay for computer-
generated data. An impedance Smith Chart with unity reflection
coefficient radius is shown in Figure l-3.

The impedance Smith chart is a mapping of the impedance plane
and the reflection coefficient. Therefore, the polar form of a
reflection coefficient plotted on a Smith chart provides the corre-
sponding impedance. All values on the chart are normalized to
the reference impedance such as 50 ohms. The magnitude of the
reflection coefficient is plotted as the distance from the center of
the Smith chart. A perfect match plotted on a Smith chart is a
vector of zero length (the reflection coefficient is zero) and is
therefore located at the center of the chart which is l+ j0, or 50
ohms. The radius of the standard Smith chart is unity Admit-
tance Smith charts and compressed or expanded charts with
other than unity radius at the circumference are available.
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180°

9

Figure 1-3 Impedance Smith chart with unity reflection
coefficient radius.

Purely resistive impedances map to the only straight line of the
chart with zero ohms on the left and infinite resistance on the
right. Pure reactance is on the circumference. The complete
circles with centers on the real axis are constant normalized
resistance circles. Arcs rising upwards are constant normalized
inductive reactance and descending arcs are constant normalized
capacitive reactance.
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High impedances are located on the right portion of the chart, low
impedances on the left portion, inductive reactance in the upper
half, and capacitive reactance in the lower half. The angle of the
reflection coefficient is measured with respect to the real axis,
with zero-degrees to the right of the center, 90’ straight up, and
-90’ straight down. A vector of length 0.447 at 63.4’ extends to
the intersection of the unity real circle and unity inductive
reactance are 1 +jl, or 50 +j50 when demoralized.

The impedance of a load as viewed through a length of lossless
transmission line as depicted on a Smith chart rotates in a
clockwise direction with constant radius as length of line or the
frequency is increased. Transmission line loss causes the reflec-
tion coefficient  to spiral inward.

1.5 Radially Scaled Parameters

The reflection coefficient, return loss VSWR, and impedance of a
network port are dependent parameters. A given impedance,
whether specified as a reflection coefficient or return loss, plots
at the same point on the Smith chart. The magnitude of the
parameter is a function of the length of a vector from the chart
center to the plot point. Therefore, these parameters are referred
to as radially scaled parameters. For a lossless  network, the
transmission characteristics are also dependent on these radially
scaled parameters. The length of this vector is the voltage reflec-
tion coefficient, p, and is essentially the reflection scattering
parameter of that port. The complex reflection coefficient at a
given port is related to the impedance by

z-z,p=z+zo 1.28

where Z is the port impedance and Z, is the reference impedance.
Then

RL&?=-2010g  IpI 1.29
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1.30

LA=-lolOg(l-  Ip12) 1.31

Table l-l includes representative values relating these radially
scaled parameters.

1.6 Matching

Gain (or loss) is clearly an important parameter of a network. The
definition of gain that will be used is the transducer power gain.
The transducer power gain is defined as the power delivered to
the load divided by the power available from the source.

Gt = p ‘“p’,,
avaia e

1.32

The S-parameter data for the network is measured with a source
and load equal to the reference impedance. The transducer power
gain with the network inserted in a system with arbitrary source
and load reflection coefficients is 151

Gt =
I c21 I 2(1 - I l-s I 2)u - I EC I 2,

~(i-cllr~)(i-c22r~)-c21c12r~rsi2
1.33

where

Is = reflection coefficient of the source

I’L = reflection coefficient of the load

If Is and IL are both zero, then

Gt=C212

or

Gt(dB) = 20 log I C21 I = IS21

1.34

1.35

1.36

1.37
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Therefore, when a network is installed in a system with source
and loads equal to the reference impedance, 1 SZI 1 is the network
transducer power gain in decibels.

Because Clr and C22 of a network are not in general zero, a
portion of the available source power is reflected from the network
input and is dissipated in the source. The insertion of a lossless
matching network at the input (and/or output) of the network
could increase the gain of the network. Shown in Figure l-3 is a
two-port network with lossless  matching networks inserted be-
tween the network and a source and load with the reference
impedance.

Equation 1.22 gives the gain of the network in Figure l-4. To
simplify equation 1.22, C12 may be assumed equal to zero. At
higher frequencies, where Cl2 is larger in active devices, this
assumption is less valid. The assumption is unnecessary in
computer-assisted design but considerably simplifies manual and
graphical design procedures. The assumption also allows factor-
ing equation 1.22 into terms that provide insight into the design
process. If Cl2 = 0, then

Gtu =
l- lrs12

IC2112
I- lkl2

ll-CllIS12 p-c22rL12
1.38

where

Gtu = unilateral transducer power gain 1.39

Figure 1-4 Two-port defined by S-Parameters with lossless
matching networks at the input and output.
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When both ports of the network are conjugately matched, and Clz
= 0,

G
1

Ic2112
1

urnax=
1-IC~~12 I- IC2212

1.40

The first and third terms are indicative of the gain increase
achievable by matching the input and output, respectively If Cl1
or C22 are much larger than zero, substantial gain improvement
is achieved by matching. Matching not only increases the net-
work gain, but reduces reflections from the network.

It is more desirable for network gain to flatten across a frequency
band than minimum reflections. The lossless  matching networks
are designed to provide a better match at frequencies where the
two-port gain is lower. By careful design of amplifier matching
networks, it is frequently possible to achieve a gain response flat
within fractions of a decibel over a bandwidth of more than an
octave.

1.7 Broadband Amplifier Without Feedback

An example of 2 to 4 GHz amplifier design using the foregoing
principles is considered next. An Avantek AT60585 bipolar tran-
sistor with the S-parameter data given in Table l-2 for the
common-emitter configuration is used. This data is graphed in
Figure 1-5. The transistor gain in decibels, S21,  is plotted on the
left. The gain is 11.4 dB at 2 GHz and 5.8 dB at 4 GHz. The
transistor input and output return loss plotted on a Smith chart
are shown on the right in Figure l-5. The input impedance is less
than 50 ohms and slightly inductive. The output impedance is
greater than 50 ohms and capacitive. The markers may be used
to discern the traces and read specific values (along the bottom
of the screen).

As is typical, the transistor gain decreases with increasing fre-
quency Using equation 1.29 and S11 and S.22 from Table 1-2, the
additional gain achievable at 4 GHz by matching both the input
and output is 1.0 + 1.4 = 2.4 dB. The conjugately matched gain



14 Oscillator Design and Computer Simulation

Table 1-2 S-Parameter Data for Avantek AT60585 Bipolar
Transistor Biased at 8 V and 10 mA

Freq Cl1 Angle c21 Angle Cl2 Angle c22 Angle
(MHz) (ratio) (deg) (ratio) (deg) (ratio) (deg) (ratio) (deg)
2000 .41 174 3.70 66 .06 58 53 -33
2500 .42 165 3.06 60 .072 58 .51 -35
3000 .44 155 2.56 51 ,086 65 .50 -42
3500 .46 i45 2.23 42 ,098 61 .50 -51
4000 .46 138 1.96 32 ,114 59 .52 -59

should be 5.8 + 2.4 = 8.2 dB, assuming that Cl2 = 0. Therefore,
an amplifier with 8 dB of gain is attempted.

Some practice or experience is helpful in selecting an appropriate
topology for the input and output matching networks. The trick
will be to match input at the transistor and output at the higher

"1 j / : : / i i 114

11.364 9.71443 8.1646 5.84512 -5.51446 -5.8486 -6.0206 -5.67993

Figure 1-5 S21, SII and S22 for an Avantek AT60585.
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frequencies to increase the gain, and to worsen the match at the
lower frequencies to decrease the gain. First, placing a shunt
capacitor at the input of the transistor rotates the 4 GHz end of
the SII trace toward the center of the Smith chart, improving the
input match at 4 GHz and increasing the gain. By trying different
values for the shunt capacitor, it was discovered that a value of 1
pF results in the maximum increase in gain. The results are
shown in Figure 1-6. The gain at 4 GHz has been increased to 6.7
dB, up from 5.8 dB. The gain at 2 GHz was unaffected.

A shorted transmission line stub followed by a series transmis-
sion line are used to match the output. The values for this
network were determined using optimization with the =Super-
Star= computer program.

The results are shown in Figure 1-7. The flatness is within a few
tenths of a decibel. Actual results should agree closely with these
calculated results because the assumption that CD = 0 is unnec-

2mo 3cm 4000
s21- s21- Sll- s22-
2ooa 2ooo
11.33 E%Sl iE55 E&3 -7.57962 FE334 E818 z&32
11.33 9.84261 8.56155 6.69843 -4.84913 -4.86497 -4.80822 -3.66834
C.

11

Figure 1-6 Auantek AT60585 transistor responses with 1 pF
shunt capacitance at the input.
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2G00 3imO 4OGtl
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kacl 2600 3400 4000 2oca 3400
7.'j8689 7.94188 8.03498 7.87708 -6.0952 zTi996 -8.05335 %%m
7.98689 7.94188 8.03498 7.87708 -1.6209 -2.66319 -4.89381 -5.98799

Figure 1-7 Avantek AT60585 transistor with matching at the
input and output.

essary when computer simulation techniques are utilized. The
schematic of the completed design is given in Figure 1-8.

1.8 Stability

The type of networks used at the input and output of an amplifier
must be selected based on an additional criterion, stability The
fact that Cl2 is not equal to zero represents a signal path from
the transistor output to the input. This feedback path is an
opportunity for oscillation to occur. The reflection coefficients
presented to the transistor by the matching networks affect the
stability of the amplifier. A stability factor, K, is
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T 1PF T
75”
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Figure 1-8 Bipolar 2 - 4 GHz transistor amplifier with
matching at the input and output optimized to flatten the gain.

K=w1112-IC2212+  lOI2

2 IC12I IC211
1.41

where

D= CllC22  - Cl2 c21 1.42

When K>l, C11<1, and C22c1, the two-port is unconditionally
stable. That means that the two-port is stable for all input and
output loads with positive real components. To ensure stability,
these conditions must be met both internally and at the input and
output ports. Stability should be checked not only at the operat-
ing frequencies, but also at frequencies above and below the
operating frequency

Stability circles may be used for a more detailed analysis. The
load impedances of a network which ensures that Cl1<1 are
identified by a circle of radius r centered at C on a Smith chart.
The output plane stability circle is

Gout_ (C22-D al*)*-

lc2212-ID12
1.43

Cl2 c21
r07.d  =

lC2212-IDI
1.44
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This circle is the locus of loads for which Cl1 = 1. The region inside
or outside the circle may be the stable region.

The input plane stability circle equations are the same as the
output plane equations, with 1 and 2 in the subscripts inter-
changed. Reference [4] includes a more detailed tutorial on
stability

1.9 Broadband Amplifier With Feedback

Achieving a flat frequency response by shaping the match of the
input and output networks has the advantage that the gain at
higher frequencies can exceed S21. This advantage is especially
useful at higher frequencies where gain is more expensive to
achieve, so this technique is a common practice in microwave
amplifier design. Unfortunately, this technique has several dis-
advantages:

(a) The match is necessarily poor at lower frequencies.

(b) The bandwidth of flat gain response is limited.

(c) Stability considerations are critical.

Another method of flattening the frequency response is to apply
resistive negative feedback. This method overcomes the above
disadvantages but the gain is less than the gain of the transistor
at the highest frequency However, at UHF and lower frequencies,
where transistor gain is naturally higher and less expensive, this
disadvantage is less significant.

Amplifiers designed using negative feedback can possess wide
bandwidth, excellent match, excellent stability, and excellent
flatness. Consider the simple amplifier shown in Figure l-9.
Shunt (collector to base) feedback and series (emitter) feedback
are applied to an MRF901  transistor. S-parameter data for the
transistor is given in Table l-3.

The results shown in Figure l-10 were computed using the
=SuperStar= program. These results illustrate excellent gain
flatness and match from low frequencies to 450 MHz. In practice,
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BROADAMP

t

Re

11 ohm

-

Figure 1-9 Simple broadband amplifier using resistive series
feedback in the emitter, Ret and shunt feedback from collector to
base, Lp and RF

the low-frequency response is limited by the values of the input
and output coupling capacitors.

The inductor, Lp, in series with the shunt feedback resistor is
called a peaking inductor. It is used to extend the bandwidth of
the amplifier. At higher frequencies, where the amplifier gain
begins to fall because the open-loop transistor gain is falling, the
reactance of the peaking inductor effectively reduces the shunt

Table 1-3 S-Parameter Data for a Motorola MRF901
Transistor Biased at 10 V and 15 mA

Freq CII Angle CZI Angle
(MHz) (ratio) (deg) (ratio) (deg)
50 .5 -23 24.0 160
100 .51 -66 20.4 141
200 .47 -112 14.5 119
500 .50 -166 6.81 92

Cl2 Angle
(ratio) (deg)
.Ol 69
.02 63
.03 54
.05 57

C22  A n g l e
(ratio) (deg)
.90 -12
.83 -22
.63 -31
.41 -35
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Figure l-10 Gain and match responses of the broadband
amplifier with resistive feedback.

feedback and extends the frequency response. A similar tech-
nique may be employed in the emitter by placing a capacitor in
parallel with the emitter series feedback resistor. The match at
these extended frequencies is not as good as the match at lower
frequencies.

When the transistor open-loop gain is much greater than the gain
with feedback, the gain with feedback is given by

Gf (dB) = 20 log 1.45

where

RfRfi=z
0

1.46
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R,,G
Rf

1.47

The shunt feedback resistor, Rf, reduces both the input and output
impedance. The series feedback resistor, Re, increases both the
input and output impedance. As greater feedback is applied, the
input and output impedances asymptotically approach the rela-
tion

z. = (Rf IL? 1.48

This expression, which indicates the proper relationship of Rf  and
Re to achieve a desired &, is most valid when the device input
and output impedances are already near the desired ZO. When
the input and output impedances differ from ZO, other values for
Rf and Re may yield a better match. For example, if both the input
and output impedances are higher than ZO, more shunt feedback
(lower Rf) and less series feedback (lower Re) will yield a better
match.

In Figure l-11, the frequency response of MRF901  transistor
amplifiers with a 50 ohm source and load is compared for differing
values of shunt and series feedback. A peaking inductor is used,
but not an emitter peaking capacitor. The peaking inductor
values have been optimized to achieve the greatest possible
bandwidth.

1 .I 0 Component Parasitics

Components used in the construction of electronic networks are
seldom as ideal as we would wish. An example is Cl2 not equal
to zero for active devices. Even relatively simple components
such as resistors, capacitors, and inductors have significant
parasitics. Through UHF frequencies, some of the more impor-
tant parasitics of passive components are

(a) Inductance of capacitor leads

(b) Self-capacitance of inductors
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Figure l-11 Closed loop frequency response of a transistor
amplifier with varying degrees of feedback applied.

(c) Finite Q of inductors

(d) Coupling between inductors

Other parasitics may be significant as well, but an experienced
high-frequency designer will consider the effects of these four
parasitic types on every passive component used in the design.
The importance of this cannot be over stressed. Countless hours
of breadboard trouble shooting can be saved by considering these
effects during the design.

The vast majority of design equations published in engineering
literature do not include the effects of these parasitics because
the resulting complexity would hopelessly reduce the usefulness
of the expressions. This places RF and microwave design in the
category of black magic, to be delved in only by those initiated in
the art. Often, successful practitioners are simply those who have
the experience of knowing which parasitics to worry about, what
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to do about those, and which are insignificant in a given applica-
tion.

Computer simulation programs offer a powerful tool for dealing
with these effects. All parasitics are not included directly in
computer program component models simply because the possi-
bilities are endless. However, the designer can easily add to the
network description parasitics appropriate for the components
being used. In addition to simulating and identifying these
effects, tuning and optimization in the computer program can
assist in determining a remedy. Listed in Table l-4 are typical
passive component parasitics for high frequencies. Reference [8]
includes an entire chapter devoted to components and parasitics.

Table 1-4 Typical Component Parasitic Effects at High
Frequencies and Possible Remedies

Parasitic Effects Typical Values Remedies

Capacitor
lead
inductance

Lead spacing L
0.25 in. 9 nH
0.20 in. 8 nH
0.10 in. 4 nH
Leadless 1 nH

Inductor
self
capacitance

Inductor Q

Refer to Chapter 8

Refer to Chapter 8

inductor coupling Varies significantly

Use capacitors in parallel

Use smaller diameter coil
Use toroid
Reduce required inductance

Increase inductor volume
At lower frequencies use

pot cores

Increase inductor spacing
Reorient inductors
Use toroids
Use magnetic shielding
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1 .I 1 Amplifier With Parasitics

An approximate model for a l/4-watt  leaded carbon composition
or film resistor is shown in Figure 1-12. For higher resistance
values, the reactance of the lead inductance is less significant
than the resistance. In this case, the parallel capacitance is
important at higher frequencies. For lower resistance values and
high frequencies, the reactance of the lead inductance is more
significant.

Figure 1-13 shows the schematic of a simple 108 to 300 MHz
amplifier similar to the amplifier in Figure 1-9, but using a
2N5179  transistor and feedback resistors with parasitics.

The results are shown in Figure 1-14. The solid traces in each
case are with ideal resistors with no parasitics. On the upper left
(LRF),  the dashed response is with 9 nH of inductance added to
the resistor Q. Notice the gain is increased and the flatness is
improved. The resistor parasitic inductance adds to the required
peaking inductance and aids amplifier performance. At the upper
right (CRF),  the resistor parallel capacitance is added. The gain
is reduced and the flatness is degraded. Therefore, inductance in
the shunt feedback resistor is not a problem but capacitance
degrades performance somewhat.

Next consider the effects of the same parasitics in the series
feedback resistor, Re. On the lower left (LRE) adding the resistor

0.6 pF

Figure 1-12 Model of a l/4-watt composition or film resistor
with first-order parasitics.
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Figure I-13 Schematic of a broadband feedback amplifier
with resistorparasitics included.

inductance causes significant performance degradation. How-
ever, parasitic capacitance has no discernible effect in Re (CRE).

Parasitic sensitivities are highest for capacitance in Rf because
the resistor value is higher A small series reactance has little
effect while parallel capacitance shunts the high resistance. On
the other hand, the low resistance of Re makes it extremely
susceptible to small values of series inductive reactance but
insensitive to parallel capacitive reactance.

The effect of emitter resistor inductance is reduced by smaller
resistor length (such as l/8 watt or chip resistors) or by using two
or more resistors in parallel. Two resistors effectively reduce the
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Figure 1-14 Gain responses of the 2N5179 transistor amplifier
with ideal elements (all solid traces). Dashed responses are
with 9 nH inductance in Rf (LRF),  0.5pF in Rf (CRF), 9 nH
inductance in Re (LRE)  and 0.5pF in Re (CRE).

lead inductance by a factor of 2. The increased parasitic capaci-
tance is unimportant because it has little impact on the response.

Another potential problem is the lead inductance of the 2N5179
transistor. The emitter lead must be very short. A better solution
would be to use a leadless  form of this transistor.

These are but a few of the parasitic considerations with which the
high-frequency designer must deal. Remember, it is very impor-
tant to become habitual about considering these effects for every
component. It has been the author’s experience that designers
readily find solutions to these problems once the problems are
recognized.
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?too methods of oscillator analysis and design are considered in
this book. One method involves the open-loop gain and phase
response versus frequency. This Bode response [1] and nonlinear
effects discussed later predict many aspects of oscillator perform-
ance. A second method considers the oscillator as a one-port with
a negative real impedance to which a resonator is attached. The
loop methodprovides a more complete and intuitive analysis while
the negative resistance method is more suitable for broad tuning
oscillators operating above several hundred megahertz.

The loop method is studied first. Consider the amplifier-resona-
tor cascade in Figure 2-l. The cascade is driven by a source with
a resistance of 2, and is terminated in a load resistance of ZO.
The gain (forward) at a given frequency is

Gf = 20 log 1 C21I 2.1

where Cz1 is the magnitude of the forward-scattering parameter
for the cascade at a given frequency The transmission phase at
a given frequency is the angle of C21.  If the cascade is matched
at the input and output to 2, the magnitudes of Cl1 and C22,  the
input and output scattering parameters, are zero.

The gain-phase response for a typical cascade is given in Figure
2-2. The normal convention of the Bode response is to plot
frequency on a logarithmic scale. Because oscillators typically
operate over less than a decade of bandwidth, we will use a linear
frequency scale. The curve on the left with a peak just above 100
MHz is the gain plotted on a scale of -20 to 20 dB. The S-shaped
trace is the transmission phase plotted on a scale of -225’ to 225’.
Plotted on the right Smith chart are the cascade input return loss,
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RESONATOR AMPLIFIER

LOAD

Figure 2-1 Simple amplifier and resonator cascade and
resulting open-loop Bode response.

S11, (left of chart center) and the output return loss, S22, (right of
chart center).

The cascade transmission phase is zero-degrees at 100 MHz
(marker numbers 3 and 7). The gain at this frequency is 12.7 dB.
The gain in excess of zero decibels at the phase zero crossing is
referred to as the gain margin. When the output of the cascade
is connected to the input, any initial signal at the frequency of
zero-degree phase shift is amplified and continually increases in
level. When the signal reaches a sufficiently high level, amplifier
nonlinearities reduce the gain and the level stabilizes with unity
network gain. Noise or power-on transients readily provide this
initial signal.

Oscillation occurs at the frequency of a zero-degree phase shift.
Limiting may modify the phase response and shift the oscillation
frequency from the open-loop value. It is shown later that for a
well-designed oscillator, this effect is small. A very important
practical aspect of this analysis method is that the open-loop Bode
response is readily measured with a network analyzer, allowing
verification of the oscillator design prior to closing the loop.



Oscillator Fundamentals 31

Lc& YZ- II0’25
Sll- s22-

10.0037 12.7291 10.69 -T90896 _'I%42 'I:642
110
-4.27277

33.9499 -2.48808 -2.48808 -57.0088 -7.35556 -12.8866 -12.8866 3.63518
ERaI: Rmmlt 0 WedLIct1916:1*351334 TEYP.SCH
~,~~F*-SarsF30p(F,-TmsFWsrdFBIdt  F7 Tuns:5ZFS

Figure 2-2 Open-loop transmission gain and phase (left) and
input and output match (right) of a resonator-amplifier cascade.

2.1 An Example

Figure 2-3 shows the schematic of the cascade used to compute
the open-loop response given in Figure 2-2. A pi-network resona-
tor is cascaded with a common-emitter 2N5179  bipolar NPN
transistor amplifier. Rc is the collector DC load resistance and
Rb provides base bias. Rf is an RF feedback resistor which is
decoupled for biasing through a 1000 pF capacitor. The output
1000 pF capacitor is used for DC decoupling of the collector and
base when the oscillator is finally formed by connecting the
output to the input.

A characteristic of well-designed oscillators is a gain peak near
the phase zero crossing frequency A second desirable charac-
teristic is a phase-zero-crossing near the maximum phase slope.
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Figure 2-3 Schematic of a 100 MHz example oscillator.

These criteria are approximately satisfied in this example with
the gain peak and maximum phase slope occurring near 102 MHz.
The gain margin is large for this example, ensuring that vari-
ations in production transistor parameters, passive component
tolerances, and temperature effects are unlikely to prevent oscil-
lation.

2.2 Mismatch

The input and output scattering parameters for the cascade, Cl1
and C22, are plotted on the Smith chart in Figure 2-2. Marker 7
is at the phase zero crossing frequency of 100 MHz. Cl1 is 0.24
at 133’  and C22 is 0.23 at 40’. When the cascade input and output
impedances are not equal to Zo, the mismatch results in an
analyzed gain that differs from the maximum available gain. If
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the input and output impedances are equal to each other and real,
but not equal to ZO,  then in the analysis, Z0 may be readjusted
to obtain a correct analysis. The gain and phase are then accu-
rately modeled. To simplify measurement of the Bode response,
it is generally desirable to design the oscillator network so that
the input and output impedances are equal to the impedance of
available measurement equipment, typically 50 or 75 ohms.

For this first’ example, C22 is not exactly equal to Z,, and the
calculated and displayed loop gain is less than it would be if the
output were matched [2]. When the output of this cascade is
connected to the input to form the oscillator, the mismatch will
reduce the loop gain below the maximum available value.

If the amplifier reverse isolation is adequate, Cl2 may be assumed
zero. The loop gain, with the output driving the input, may then
be derived from equation 1.38.

Gopen loop =
l-IC2212

C212
1-IC1112

I l-CllC22 I 2 I l-CllC22 I 2
2.2

where

Cl1 = cascade input reflection coefficient

Czz = cascade output reflection coefficient

l-s = c22

I-L = Cl1

For this example,

2.3

2.4

2.5

2.6

G = 0.851 x 18.66 x 0.847 = 13.45 = 11.3 dB 2.7

In this case the mismatch reduces the open-loop gain by 1.4 to
11.3 dB. Because feedback is often employed in the amplifier, the
assumption that C12=0 may not be valid. In this case, equation
2.2 only approximately represents the open-loop gain with the
cascade terminating itself The best policy is to design the cas-
cade for at least a reasonable match at both the input and output.
The cascade may include matching networks at the input and
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output but this level of complexity is typically not required or
justified.

2.3 Relation to Classic Oscillator Theory

The open-loop concept of oscillator design is oRen met with
considerable skepticism by engineers familiar with classic
oscillator terminology For comfort consider Figure 2-4A where
the oscillator cascade is drawn with only the RF components.
Next, the circuit is redrawn in Figure 2-4B with the output
connected to the input and the ground floated. In Figure 2-4C
the emitter is selected as the ground reference point. Notice the
configuration is the familiar common-emitter Pierce oscillator. In
Figure 2-4D the circuit is again redrawn, this time with the base

I+ 7-T-l

oscH kfQ -L

T
I 1 I

A

yI I- - -
C

’ I

0

a-
A- -

I
D F

Figure 2-4 Various definitions of the loop oscillator based on
the selected ground reference point.
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selected as ground reference. The result is the familiar common-
base Colpitts. These open-loop, Pierce and Colpitts oscillators are
in fact the same oscillator!

2.4 Loaded Q

The oscillator loaded Q is a critical parameter. The loaded Q is a
direct indication of many oscillator performance parameters. A
high loaded Q

(a) Reduces phase noise

(b) Reduces frequency drift

(c) Isolates performance from active-device variation

Phase noise is inversely proportional to the square of the loaded
Q [4]. D ‘ft ‘s dr~ 1 re uced because the resonator solely determines
the oscillation frequency in high-Q designs. Isolating the resona-
tor from active device reactances  reduces the effect of tempera-
ture. Many oscillator designs have low loaded Qs. The phase
noise and long-term stability of these designs are far from opti-
mum. An oscillator with a low loaded Q is often the root problem
even though designers offer imaginative and esoteric descriptions
of the problem. Noise is discussed further in Chapter 4.

The open-loop loaded Q of a cascade is

For the 100 MHz example the loaded Q is approximately 5.2. The
loaded Q in terms of the phase slope is

d9
&I = o.5fo df

where cp is in radians or

nfo dv--
” = 360 d f

2.10
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where cp is in degrees.

When the phase zero crossing does not occur at maximum phase
slope, the loaded Q should be calculated using one of the latter
two equations instead of using the amplitude response band-
width. The loaded Q is less than optimum in that situation. If the
phase zero crossing occurs at maximum phase slope, the first
equation for loaded Q may be used.

2.5 L-C Resonator Configurations

In the previous example a 3-element pi network was used for the
cascade resonator. If the resonator is considered to be a simple
filter it becomes apparent that a large variety of structures can
serve as a resonator. In fact all lowpass,  highpass and bandpass
structures have the potential to serve as a resonator. Shown in
Figure 2-5 are several such structures. The element values given
assume a resonant frequency of approximately 100 MHz, a loaded
Q of 6.9 and 50 ohm terminations.

LCl and LC2 are basic series and parallel resonators. At reso-
nance, the reactance of the series inductor and series capacitor
cancel, and if the components are lossless, the network essentially
vanishes. For equal source and load terminations maximum
power transfer occurs. LCl is capacitive below resonance and
inductive above resonance. Both conditions impede signal trans-
mission. Transmission phase shift is zero at resonance. The
parallel resonator behaves in a dual fashion with maximum
transmission and zero phase shift at resonance.

The loaded Q of the series resonator terminated at the source and
load in R. is

OLl
&I==

0

The loaded Q of the doubly-terminated parallel resonator is

2.11

Q1=% 2.12



Oscillator Fundamentals 37

LCl

L3A L3B

LC3

9.2 pF

I
-

C5A C5B

LC+pjskJ
IlspF 33pFI- -

220 pF T T”““’

_!- C9A

T 33 pF

i

L9A

77 nH

-L
-

-I_
-

-L -L
- -

C6

LC6

- -

C8A C8B

75 nH 16pF

Figure 2-5 L-C resonator structures with a resonant frequency
of 100 MHz and a loaded Q of 6.9 when terminated in 50 ohms.
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The difficulty with the simple series and parallel resonator is
extreme element values with 50 ohm terminations as the loaded
Q is increased. Notice in Figure 2-5 that the series inductor, Ll,
is 1100 nH and the shunt inductor, L2, is 5.6 nH. If a higher
loaded Q is desired the values become even more extreme.

LC3 through LC6 are three element resonators. LCl and LC2
are bandpass structures. LC3 and LC4 are lowpass  and LC5 and
LC6 are highpass structures. At high loaded Q (6.9 in this case),
the lowpass and highpass structures have responses which are
similar to bandpass, at least near the resonant frequency A
potential hazard of lowpass  and highpass  structures is that signal
transmission with only small attenuation may occur over a broad
band of frequencies. Unless care is exercised, additional reac-
tances in the oscillator circuit for biasing and decoupling may
cause an additional transmission phase zero and result in am-
biguous oscillation frequencies. The three element forms do offer
more reasonable element values. LC3 and LC5 have large but
moderated inductance values and LC4 and LC6 have small but
moderated element values.

Resonator LC3 is analyzed by converting each series inductor and
termination resistance combination to a parallel equivalent. The
resulting two shunt inductors and two shunt resistors for a
parallel resonant circuit. The loaded Q for LC3 is then

Q1=$
0

2.13

where Xl is the reactance of L3A or B. The reactance of the
resonating capacitor, C’s, is then

R,’ + Xl2
xc3= uri 2.14

Element values for the simple and three element resonators are
unique. Only one set of values satisfy a given loaded Q and
termination resistance.

Although values for the three element resonators are more mod-
erate than the simple resonators, as the loaded Q is increased
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further, even those values become impractical. Lower termina-
tion resistance moderates values in LCl, 3 and 5 while higher
termination resistance moderates values in LC2,4, and 6. This
is the basis for remarks often found in oscillator literature such
as “a FET transistor is more suitable because the higher imped-
ances load the parallel resonator lightly and provide higher Q.”
In the author’s view this represents a narrow perspective on
oscillator design. We should learn an important lesson from filter
design theory. How are narrowband filters (high loaded Q) con-
structed with reasonable element values and 50 ohm termina-
tions? The answer is found in the use of coupling elements.

C7A and B in the four element resonator LC7 are examples of
coupling elements. At 100 MHz the shunt 33 pF capacitors are
approximately 50 ohms of reactance which are in parallel with
the terminations. The resulting series equivalent R-C networks
and the input and output are 25 ohms resistance and 25 ohms
reactance (the reactance of a 66 pF capacitor). The effective
termination resistance is halved and the required resonator
series inductor, L7, for a given loaded Q is half the inductance of
the simple series resonator LCl. Two series capacitors of 66 pF
each increase the resonating capacitor from approximately twice
the simple resonator capacitance of 2.3 pF (4.6 pF) to 5.5 pF.
Increasing the coupling capacitors would further reduce the
required inductance to achieve a given loaded Q. Thus the four
element coupled resonators provide a degree of freedom in ele-
ment values.

For the LC7 series resonator (shunt-C coupled series resonator),
the effective capacitance which resonates with the series inductor
is

c, = 1
1 2GA(oo%)2
c, + (oo&c~~)2  + 1

where

CT = series resonator capacitor 2.16

C~A = shunt coupling capacitor 2.17

2.15
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R. = input and output load resistance

The required inductance to resonate at f0 is then

2.18

1
L7=-

00 2ce
2.19

The loaded Q, of the LC7 resonator is a function of the shunt
coupling capacitors. The reactance required for a given loaded Q
is approximately

where

Qexl l1

2.20

2.21
---
&l Qu

and Qu is inductor unloaded Q.

For LC8 (top-C-coupled parallel resonator) the effective resonat-
ing capacitor is

Ce=Cs+
2CsA

WoRG3A~2 + 1
2.22

The top-C coupled resonator in Figure 2-4 requires series cou-
pling reactances of approximately

2.23

where

BL~ = admittance of the shunt inductor 2.24

The coupling elements may be inductors or mixed, as discussed
in the series resonator case above.



Oscillator Fundamentals 41

2.6 L-C Resonator Phase Shift

The transmission phase shift at resonance (maximum transmis-
sion and maximum phase slope) of the simple resonators is zero
degrees. The transmission phase shift of the three element reso-
nators at resonance is 180’.

The four element coupled resonators also provide a degree of
freedom in transmission phase shift at resonance. For example,
with LC7, for a given Q, smaller values of shunt capacitance lead
to larger series inductance up the the value of inductance for the
simple resonator. At this extreme, the transmission phase ap-
proaches zero-degrees. Large values of shunt capacitance de-
crease the series inductance and the transmission phase
approaches -180’ at resonance. The LC8 resonator has a trans-
mission phase shift of zero-degrees for large CSA and B and +180°
for small C8A and B. The designer therefor  has available reso-
nators of arbitrary transmission phase at resonance!

2.7 Resonators as Matching Networks

The element values of the resonators in Figure 2-5 are symmetric
with respect to the input and output. If the elements are lossless
(high unloaded Q), at resonance the input impedance is purely
resistive and equal to the termination resistance. If the termina-
tion resistance is 50 ohms the input resistance is 50 ohms and if
the termination resistance is 1000 ohms the input resistance is
1000 ohms. Although the resonant frequency shifts with termi-
nation resistance for the three and four element resonators, at
resonance the input impedance equals the termination resis-
tance.

Earlier it was stated that one oscillator design goal was a matched
cascade input and output impedance. The resonator behavior
described above naturally maintains this criteria provided the
cascade amplifier is matched at the input and output. If the
amplifier input and output impedance are not matched, it is often
possible to use the resonator as a matching device by perturbing
the symmetry of a three or four element resonator. This is
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preferred to adding matching networks because the number of
elements and the possibility of introducing additional resonances
are minimized.

For example, consider resonator LC7 cascaded with an amplifier
with an input resistance of 200 ohms and an output resistance of
50 ohms. The resonator is terminated in 200 ohms. The input
resistance looking into the resonator would be 200 ohms if LC7
were symmetric. When C~A is reduced to approximately 20 pF,
LC7 acts as a matching network with an input resistance of 50
ohms, therefore matching the cascade input and output imped-
ance. The resonators are also capable of absorbing termination
reactance by adjustment of resonator reactances.

2.8 Resonator Voltage

In an earlier section we listed desirable attributes of high loaded
Q. However, there are fundamental limitations to the maximum
loaded Q. As the cascade loaded Q approaches the unloaded Q of
components in the resonator the resonator insertion loss ap-
proaches infinity The insertion loss for the resonator is

IL = -20 log 2.25

where IL is a positive decibel number. IL is therefore equal to
-Szl dB. For example, if Qu = 100 and &I = 21.5, IL = 2.1 dB. If
the cascade amplifier has adequate gain then significant loss can
be tolerated in the resonator. Nevertheless, the loaded Q can not
exceed the component unloaded Q.

A second factor which may limit the maximum loaded Q is
resonator voltage. This is particularly a problem with high-power
oscillators and oscillators with varactor tuning elements. The
voltage at resonance across the shunt inductor and capacitor in
LC8,  the top-C coupled parallel resonator, is given by
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VS 1
vr=

RO - jxcu
2.26

where V. is source voltage into R. ohms and BL~ is the admittance
of the shunt inductor.

The insertion loss, &I and Vr versus XS are given in Figure 2-6 for
QU = 200, R. =50 ohms, VS = 0.707 VmS ( +lO dBm,)  and BL~ = .Ol
mhos. Notice with only 0.707 volts drive the resonator voltage
reaches 5 Vrms or 14.1 VP, at Qz/QU  = 0.5! The insertion loss at
Q$QU = 0.5 is 6.02 dB. A varactor used for C8 would be driven

Ql
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figure 2-6 Insertion loss, loaded Q and resonator voltage as a
function of the coupling reactance in top-C coupled parallel
resonators.
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into heavy forward conduction and perhaps even reverse break-
down by the RF voltage. Since this significantly degrades reso-
nator unloaded Q and increases loss, limiting in the cascade
occurs in the resonator instead of the amplifier, an intolerable
situation leading to erratic tuning and poor stability

The varactor may be decoupled from the resonator by placing a
very small capacitor in series with the varactor, therefore drop-
ping most of the voltage across the series capacitor. However, the
varactor now has much less ability to shift the oscillation fre-
quency Thus, we face a fundamental tradeoff; high loaded Q
results in high resonator voltage and impedes broadband varac-
tor tuning. Keep in mind that broad tuning and high Q are not
inherently impossible. The problem is resonator voltage. When
tuning elements are not effected by high voltage, such as with
mechanically tuned capacitors and cavities, broad tuning and
high Q are possible. A wonderful example is the venerable
Hewlett-Packard model HP608 signal source.

2.9 Transmission Line Resonators

Over limited bandwidth there are important lumped (L-C) and
distributed (transmission-line) equivalences. For example, a
shunt inductor may be replaced with a shorted transmission line
stub. The equivalent inductive reactance of a shorted stub less
than 90’ long is

Xl = 2, tan Oe 2.27

where

9, = electrical length of the stub 2.28

Z. = characteristic impedance of the line 2.29

Similarly, an open stub less than 90’ long may replace a capacitor.
The equivalent capacitive reactance is

X, = Z. tan ee 2.30
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The reactance of inductors and capacitors vary linearly with
frequency over the entire frequency range for which component
parasitics  are not a problem. From the above expressions we see
the reactance of transmission line stubs are trigonometric func-
tions of frequency which are linear and therefore simulate
lumped reactance when the electrical length is short. The error
is about 1% at 10’ and 10% at 30’. The reactance is predicted
accurately by the above equations for any length less than 90’.
It is not absolutely necessary that the reactance varies linearly
with frequency unless the oscillator is to be tuned over a wide
frequency range. Electrical lengths of 45’ or even 60’ are some-
times used. However, as the length approaches 90°, the reactance
approaches infinity Unlike lumped elements, transmission line
elements do not have unique solutions for Z0 and &. For example,
50 ohms of inductive reactance is simulated with a 50 ohm
shorted stub 45’ long or a 100 ohm shorted stub 26.56’ long.

The equations above describe the equivalence between a single
lumped and a distributed element. A distributed element also
may serve as an equivalent to an L-C pair. A high-impedance
transmission line which is 180’ long at f. behaves like a series
L-C resonator at f. with an inductive reactance given by

d0
Xl = 2 2.31

Likewise, a transmission line shorted stub which is 90’ long at f.
behaves like a parallel L-C resonator at f. with an inductive
reactance given by

2.32

Shown in Figure 2-7 are various transmission line resonators
with a resonant frequency of 100 MHz and a loaded Q of 5.2 when
terminated in 50 ohms. TLl and TL2 are analogous to LCl and
LC2 and are a direct implementation of the above equations.
Notice the extreme values of line impedance. This is a direct
carry-over of the extreme L-C values for these simple resonator
forms. As with the L-C resonators, the transmission line imped-
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Figure 2-7 Transmission line structures with a resonant
frequency of 100 MHz and a loaded Q of 5.2 when terminated
in 50 ohms.
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ante values are moderated by lower termination resistance for
the series resonator and higher termination resistance for the
shunt resonator.

Again, as with the L-C resonators, the solution is to use coupling
techniques. Examples are given as TL3 through TL8 in Figure
2-7. Most of these examples use transmission lines with a char-
acteristic impedance of 50 ohms. However, transmission line
resonator solutions are typically not unique and alternative reso-
nators with either higher or lower line impedance are possible.

End coupling capacitances are used in TL3. 12 pF is far too much
capacitance to realize as a gap in microstrip and lumped elements
would be used. At higher microwave frequencies a gap becomes
feasible. The capacitive loading shortens the required transmis-
sion line electrical length at the resonant frequency In this case
the line length is approximately 140’. For higher loaded Q the
end capacitors must be smaller and transmission line shortening
is reduced.

The end-coupling capacitors as a function of Q are

2.33

The required length of the transmission line for resonance is

$ = 180° - tar-5 26&&G 2.34

assuming the Z. of the resonator transmission line equals the
input and output load resistance. In practice, the resonator may
be higher or lower in impedance if the coupling capacitors and
resonator length are adjusted. This technique may be used to
shift slightly the location of the phase zero crossing on the phase
slope, particularly for lower Qs.

In TL4 a shunt resonator is tapped to increase the loaded Q for
the moderate 50 ohm line impedance. The total electrical length
of the two sections is somewhat greater than 90’ because of
termination loading.
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Coupled transmission line elements are used in TL5. Each of the
two coupled sections are 90’ long so that the continuous middle
line is a total of 180’ long. The coupled transmission line sections
are defined by their even and odd mode impedances, in this case
72 and 35 ohms respectively The line widths may be equal and
are similar to 50 ohm lines because Mis approximately 50.
Additional information on coupled lines, and other lumped/dis-
tributed equivalents, is given in HF Filter Design and Computer
Simulation [3].

TL6 is a stepped-impedance transmission line resonator. Line
TLGB is a high-impedance resonator which is approximately 180’
long. To moderate the line impedance, low-impedance sections
TLGA and TLGC act as transformers to reduce the termination
resistance presented to the resonator. In this case the coupling
sections are 90’ long and transform the 50 ohm terminations to
23 ohms with no reactive component so the resonator section is
180’ long. To conserve space shorter coupling sections may be
used. For a given loaded Q, shorter coupling sections must have
a lower impedance and they introduce inductive reactance which
causes a small increase in the length of the resonator line.

TL7 and TL8 are shorted stub resonators with capacitive and
inductive coupling respectively TL7 is analogous to LC8 in
Figure 2-5. The reactance coupled to the resonators causes the
capacitive-coupled resonator to be less than 90’ long and the
inductive coupled resonator to be greater than 90’ long.

2.10  Re-entrance

Oscillators constructed with transmission line elements or reso-
nators have re-entrant modes. For example, a half-wavelength
resonator is also resonant at approximately odd multiples of the
fundamental frequency The open-loop cascade gain and phase
should be examined at these higher resonances. If necessary,
lumped reactive elements may be added to reduce the cascade
gain to less than 0 dB above the desired oscillation frequency
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2.11 Quartz Crystal Resonators

A quartz crystal resonator is a thin slice of quartz with conducting
electrodes on opposing sides [6]. Applying a voltage across the
crystal displaces the surfaces, and vice versa. The quartz is stiff,
and the crystal has natural mechanical resonant frequencies
which depend on the orientation of the slice in relation to the
crystal lattice (cut). Although there are many crystal cuts, the
most common cut for high-frequency application is AT FT-243
crystals, in common use during World War II, had spring-loaded
thick metal plates pressing against each side of the quartz slice.
These crystals could be disassembled and the quartz etched to
reduce the resonant frequency Drawing a graphite pencil mark
on the quartz lowered the resonant frequency Modern quartz
crystals use electrodes plated directly onto the quartz disk.

Quartz crystals have very desirable characteristics as oscillator
resonators. The natural oscillation frequency is very stable. In
addition, the resonance has a very high Q. Qs from 10,000 to
several hundred thousand are readily obtained. Qs of 2 million
are achievable. Crystals of high performance can be mass pro-
duced for a few dollars. The crystal merits of high Q and stability
are also its principal limitations. It is difficult to tune (pull) a
crystal oscillator.

Quartz crystal resonators are available for frequencies as low as
1 kHz. The practical frequency range for fundamental-mode
AT-cut crystals is 0.6 to 20 MHz. Crystals for fundamental
frequencies higher than 20 to 30 MHz are very thin and therefore
fragile. Crystals are used at higher frequencies by operation at
odd harmonics (overtones) of the fundamental frequency Ninth-
overtone crystals are used up to about 200 MHz, the practical
upper limit of crystal oscillators.

It is possible to extend the maximum operating frequency and
still maintain adequate mechanical strength by surrounding a
very thin quartz disk with a thicker concentric outer support ring
integral to the quartz. This structure is manufactured by chemi-
cal etching techniques [7].  Due to the resulting shape, the result-
ing structure is referred to as inverted mesa.
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A simplified electrical equivalent circuit for the quartz crystal is
given in Figure 2-8. Co is the capacitance formed by the electrodes
separated by the quartz dielectric. It is static and may be meas-
ured at any frequency well below resonance. Rm, Lm and Cm are
the motional  parameters of the crystal. Lm and Cm resonate at
the series resonant frequency of the crystal. Rm  is associated with
the loss of the resonator. The model in Figure 2-8 represents one
oscillation mode. A more complex model can represent a crystal
through as many overtones modes as desired. For the sake of
simplicity, this simple model is usually employed and different
values are used to model fundamental or overtone modes. Spu-
rious resonances occur at frequencies near the desired resonance.
In a high-quality crystal, the motional  resistance of spurious
modes are at least two or three times the primary resonance
resistance and the spurious modes may be ignored.

Crystal manufactures can provide specific data on model parame-
ters. Nominal values are a function of the fundamental frequency
and the overtone being used. The manufacturer has some control
over parameter values. Typical fundamental-mode values are

Co=3to8pF 2.35

Cm = 0.004c0 2.36

Lm= 1
Gw32Cm

2.37

Rm = 400 ohms at 1 MHz to 20 ohms at 20 MHz 2.38

where

Figure 2-8 Lumped R-L-C model for a quartz crystal.
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fs = series resonant frequency

For overtone crystals

Co=3to8pF

C,=
Cm fund

overtone2

Lm= l
(2~fs)2Cm

2.42

Rm = 35 ohms for third overtone 2.43

= 55 ohms for fifih overtone 2.44

= 90 ohms for seventh overtone 2.45

= 150 ohms for ninth overtone 2.46

51

2.39

2.40

2.41

The parameters may be determined by measuring S21 versus
frequency with a high-quality scalar or vector network analyzer.
The crystal is inserted in series in the transmission path. A
response similar to Figure 2-9 should be observed. The crystal Q
is very high. Careful tuning of the analyzer center frequency and
a narrow scan width are required. The peak transmission point
occurs at the series resonant frequency, fS. The insertion loss at

0  dB
t

-2 dB

Figure 2-9 Insertion loss response of a quartz crystal resonator.
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series resonance is IL. The transmission zero just above fs in
frequency is the parallel resonance, fp. First, Co is obtained by
measuring the capacitance at a low frequency, such as 1 kHz.
Then

where

2

c,=c, [O fp -1 I
fs

2.47

Lm= 1
(27rfi)2Cm

2.48

Rm = 22, [ldL’20-l] 2.49

ZO= transmission measurement system impedance 2.50

2.12 Crystal Dissipation

Over-excitation of a quartz crystal causes a long-term change of
the crystal parameters (aging). Although the change is small,
generally a few parts per million, in some applications it is
significant. For best aging, crystal dissipation in the circuit
should be less than 20 pW [S]. Severe over excitation can crack
the quartz crystal. For AT cuts, to avoid damaging the crystal,
the dissipation should be less than 2 mW, below 1 MHz and above
10 MHz, and less than 5 mW from 1 to 10 MHz.

The dissipation may be computed by $/Rm, where E is the rms
voltage across the crystal exactly at series resonance. A more
precise measurement method is to place a small resistance in
series with the crystal and find the current based on the voltage
drop across the added resistance. The dissipation is then calcu-
lated by 12Rm.
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2.13 Pulling Crystal Oscillators

The long-term stability and close-in phase noise performance of
crystal oscillators is superior to L-C and cavity oscillators but
tuning more than a fraction of a percent of the resonant frequency
is difficult. L-C oscillators, while less stable and noisier, are
readily tuned a octave or more in frequency For frequencies up
to about 100 MHz, there are not many alternatives between these
two extremes. The primary limitation is Co. If it were not for Co,
crystal oscillators could be pulled much further. The pulling
range for fundamental-mode crystals is approximately

2.51

Since Cm is nominally about 0.004C0,  the pull range is about
1.002, or 0.2%. The pulling range for overtone-mode crystals is

Fpull overtone = 1 +
Fpull -1

overtone 2
2.52

A typical ninth overtone crystal pulling range is 1.000025. This
is only 25 ppm!

Shown in Figure 2-10 is a crystal resonator with a series pulling
capacitor, Ct. Disregarding Co, the pulling capacitor in series with
the motional capacitance reduces the net effective series capaci-
tance, increasing the series resonant frequency In Figure 2-11
the transmission of such a network with a very large value of Ct
is shown as the solid trace. In this case fs is 10 MHz,  Rm is 30

Lm Cm Rm

Figure 2-10 Quartz resonator model with pulling capacitor.
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Figure 2-11 Transmission gain and phase response of a 10
MHz quartz resonator before (solid) and after (dashed) pulling
with a 2.5 pF series capacitor.

ohms, Co is 5 pF and Cm is 0.02 pF. The gain curve peaks and the
transmission phase is zero at series resonance. The insertion loss
is 2.5 dB. The transmission phase is again zero at parallel
resonance just above 10.016 MHz but the transmission gain is
very low. The dotted curve in Figure 2-11 is the network response
with Ct at 2.5 pE Decreasing Ct from a large value to 2.5 pF has
pulled the frequency up about 13 kHz. The gain is reduced to
about -12 dB. If Ct is further reduced to pull the frequency higher,
the gain rapidly falls as the frequency approaches parallel reso-
nance. This parallel resonance, caused by Co resonating with a
net inductive reactance of the motional  arm above series reso-
nance, is the limiting factor in crystal pullability
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Figure 2-12 Quartz resonator pulling with a 33 fl series
inductor and a 32 pF series capacitor (solid) or a 3 pF series
capacitor (dashed).

If Ct is replaced with a series L-C, the crystal frequency can be
pulled both below and above the series resonance. For example,
if a 33-pH  inductor is used with a nominal 7.7 pF capacitor, they
resonate at 10 MHz and the crystal is unpulled. If Ct is decreased,
the net reactance is capacitive and the crystal is pulled higher. If
Ct is increased, the net reactance is inductive and the crystal is
pulled lower. In Figure 2-12 the response is shown for an L-C
pulling network with Ct at 32 and 3 pF. The inductor, Lt, is 33 PH.
The amount of pulling down in frequency is determined by the
value of the pulling inductor. Lt must be less than the value that
resonates with C,; otherwise, Ct, Lt and Co form a new series
resonant path which bypasses the crystal motional  elements. If
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this occurs, the new resonator becomes entirely L-C and crystal
control is lost.

In Figure 2-13 an inductor is placed in parallel with Co.  LO
resonates with Co at fs. Because the Q of the LO-CO  combination
is much lower than the Q of the crystal, LO effectively cancels the
reactance of Co for a broad frequency range around fs. In Figure
2-14 the response of this network is shown with Lt equal to 33 ~_LH
and Ct from ‘80 to 2.7 pF. Notice the absence of the parallel
resonance and that the gain is flat across the entire frequency
range tuned by Ct. This configuration does have excellent pulling
characteristics. However, the inductor values in this and the
previous network are large. Inductor parasitic capacitance can
create additional resonances that cause erratic behavior. Also,
the farther a crystal is pulled, the more dependent the operating
frequency becomes on the L-C pulling elements, eliminating the
purpose of using a crystal.

2.14 Ceramic Piezoelectric Resonators

Piezoelectric resonators constructed from ceramic materials are
now available for the HF frequency range. These devices bridge
the gap in QU and stability between L-C and quartz crystal
resonators. The electrical model is the same as the quartz crystal

Lm Cm
I I

Rm

H  ,Oh bF m30 ohm Lt ?32 pF
-

c o

II I I

5 PF

Lo

50700 nH

Figure 2-13 Quartz resonator model for pulling above and
below fO using a series inductor and a compensation inductor in
parallel with CO.
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-84.2142

Figure 2-14 Transmission gain and phase for a pulled quartz
resonator with Co compensation. Ct tuned from 80 pF (solid) to
4 pF (dashed).

and is shown in Figure 2-8. Typical values for a 4 MHz ceramic
resonator are

Rm = 6 ohms 2.53

Lm = 0.3 mH

Cm = 5.3 pF

C,,=42pF 2.56

The unloaded series resonant Q is about 1200 for this unit. The
ratio of C&‘, is much smaller than an AT-cut quartz crystal, so
the pullability is better. As might be expected, the stability is less
than the quartz crystal.
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2.15 SAW Resonators

The surface acoustic wave resonator (SAWR)  is a high-Q resona-
tor similar in some aspects to the quartz crystal resonator [9].
Interdigitized metal fingers are engraved on the surface of piezo-
electric substrate. Y- cut quartz is often used. The interdigitized
transducer launches and detects surface acoustic waves on the
substrate. When the excited frequency is equal to V,lp, where V,
is the propagation velocity and p is the interdigital period, the
waves generated by each finger are in phase. This is the center
frequency of the SAWR.

SAWRs  used in oscillators have two forms, two-port and two-ter-
minal. The two-port form has an input and an output, which are
interchangeable, and a ground. The two-terminal form is similar
to a quartz crystal resonator in that it has two terminals. Each
form is available in two types. The RP type two-port form has
approximately 180’ degrees of transmission phase shift at reso-
nance and the RS type has approximately zero-degree phase shift
at resonance. The selection is made during manufacture by the
way the interdigital fingers are connected to the port terminals.
Electrical models for the RP SAWR is given in Figure 2-15A and
the RS type in Figure 2-15B. If the SAWR two-port is connected
internally so that the ports are driven in parallel, the two-termi-
nal forms are created. The models are given in Figure 2-15C and
D. SAWRs  on quartz are practical from 250 to 1200 MHz. De-
signs as low as 50 MHz and as high as 1500 are feasible. The
frequency range of SAWR satisfies a real need, since quartz
crystals are commonly available only to 200 MHz. SAWR un-
loaded Qs are nominally 12,000 at 350 MHz and 6000 at 1000
MHz. Typical model parameter values are

Rm = 120 ohms 2.57

m
L,=Q$

s
2.58

Cm= ’
(2rs’s)2Lm

2.59
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Figure 2-15 Two-port SAW resonators (A&B) and
two-terminal SAW&s  (C&D).

CO = 2.5 pF at 200 MHz

= 1.1 pF at 1200 MHz

Typical manufacturing tolerances

2.60

2.61

for SAwRs is f150 ppm. The
frequency shift with a +50” Celsius temperature range is about
80 ppm. The aging characteristics of high-quality SAWRs  are
about 1 to 10 ppm per year. Each of these stability parameters is
substantially better than with L-C resonators but approximately
an order of magnitude worse than high-quality quartz crystals.
The SAWR is capable of safe operation at much higher power
levels than quartz crystals and therefore the ultimate noise
performance, well removed from the carrier, can be better than
crystal oscillators. Typical power dissipation limits are +30 dBm
at 250 MHz and +18 dBm at 1000 MHz.

2.16 Multiple Resonators

Thus far we have considered oscillator design using a single
resonator as the frequency-selective phase shift network and we
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have identified loaded Q as the critical parameter for high-per-
formance oscillator design. For the single resonator, Q as defined
by the loop gain response is related to the phase slope. Further-
more, since it is not the loop gain response but the phase slope
that is an indication of oscillator stability and phase noise per-
formance, it is best to define the unloaded Q in terms of the phase
slope. The phase slope, d$/do,  is the definition of group delay
Since the group delay, td,  is

td = dw 2.62

then

2.63

Group delay is a more convenient measure of loaded Q because
manual computation of the phase slope from phase versus fre-
quency data, or manual computation of the 3-dB bandwidth from
the amplitude response, is unnecessary.

Recall that a primary limitation of high loaded-Q oscillator design
is the insertion loss encountered as the loaded Q approaches the
unloaded Q. The goal for high-performance resonator design is
therefore to achieve the greatest possible group delay for a given
acceptable resonator loss. That requirement can be more opti-
mally achieved by the use of multiple resonators. Consider the
conventional top-C coupled single-section resonator in Figure
2-16A and a proposed dual-section resonator in Figure 2-16B.
The capacitor unloaded Q is infinite and the inductor an unloaded
Q is 100.

Shown in Figure 2-17 are the transmission gain and group delay
response for these two resonator configurations. Component
values have been optimized for maximum group delay with a
maximum insertion loss of 10 dB. Smaller coupling capacitors
result in higher group delay but loss greater than 10 dB.

The resulting group delay at resonance is 213 nS which corre-
sponds to a loaded Q of 67. If the values are readjusted for greater
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A SINGLE RESONATOR B DUAL RESONATOR

Figure 2-16 Conventional single section top-C coupled
resonators (A) and a dual-section resonator (B).

loaded Q, the insertion loss increases. For a 10 dB loss, this is the
maximum loaded Q for a single resonator.

The schematic for a dual resonator is given in Figure 2-17B.
Using the same component unloaded Qs as those of the single
resonator, the components in the dual resonator were optimized
for maximum group delay again with a 10 dB maximum insertion
loss. The resulting component values are shown in Figure 2-17B
and the response in Figure 2-18. The group delay at resonance
has increased to 293 nS which corresponds to a loaded Q of 92, a
factor of 1.37 higher than with the single resonator. The absolute
phase at f0 is different; however, the maximum phase slope (group
delay) occurs at fO, so the total resonator and amplifier phase is
adjusted in the oscillator design to achieve a zero-degree phase
shift at fo.
For three resonators, the loaded Q is approximately 107. As the
number of resonators increases beyond two or three, the advan-
tage of additional resonators diminishes. Also, as the number of
resonators increases, the possibility of phase ambiguities in-
creases. As long as the loop gain is below 0 dB for the additional
phase zero crossings, frequency oscillation ambiguities do not
exist.
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Figure 2-17 Transmission gain and group delay responses of
a single section resonator (lefi) and a dual section resonator
(right).

2.17 Phase

The phase shift of many L-C and transmission line resonators is
near 180’. Common-emitter amplifiers and popular Darlington
MMIC amplifiers have a transmission phase shift of 180’ at
frequencies well below the device Ft. The net phase shift of the
cascade is therefore very near zero-degrees.

At higher frequencies, and for other cascade configurations, we
may not be so fortunate. It is not necessary for the gain peak to
occur at exactly zero-degrees phase shift, although this is a good
design goal. In addition, the maximum phase slope should occur
at the phase zero crossing. For example, if the entire phase
response in Figure 2-2 is shifted down a division, the zero crossing
occurs at a lower frequency and the phase slope is less steep. That



Oscillator Fundamentals 63

?2500  ohm

rQ+b

AMP AT41 586

Re

?I ohm

-

Figure 2-18 Common-emitter bipolar amplifier with series
resistive feedback P&J and shunt feedback 02~9.

reduces the long-term stability (drift) and short-term stability
(noise) performance of the oscillator.

One of the more important tools for controlling phase is resonator
selection. Previously we discussed how the four element L-C
resonators are used to obtain an arbitrary phase shift at reso-
nance. For fixed frequency and narrow tuning VCOs this is often
the only phase control required. However, the cascade transmis-
sion phase of a VCO which tunes over a broad bandwidth may
change with frequency This is caused by active device transmis-
sion phase variation with frequency and by changes in the reso-
nator characteristics with frequency

The 180’ low-frequency transmission phase shift of common-
emitter bipolar amplifiers decreases with increasing frequency
This variation is troublesome when designing high-frequency
oscillators. For octave bandwidth VCO above several hundred
megahertz the problem may become so severe that we abandon
open-loop cascade oscillator design in favor of one-port negative-
resistance oscillator design. More about this later.
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First we’ll discuss methods of improving the phase characteristics
of amplifiers. The schematic of a common-emitter AT41586 bipo-
lar amplifier with resistive series (Re) and shunt (Rf) feedback is
given in Figure 2-18. For simplicity, bias components are absent.
The resistive values shown introduce little feedback and the
circuit characteristics are defined by the device S-parameters.
The transmission gain and phase are given in Figure 2-19.

The transmission gain (left grid) and phase (right grid) for the
amplifier shown in Figure 2-18 are given in Figure 2-19. The solid
traces are with small Re and large Rf which is little feedback. At
low frequencies the open loop gain exceeds 24 dB and the phase
shift is near 180’. At higher frequencies the gain and phase shift
drop off significantly For this AT41586 the phase shift has
dropped to 90’ by 1 GHz.

1 c3”05 1250 2500 le-05 1250 2500
s21- s21- P21- P21-

E&6 700 11.8128 1700 10.9576 2500 9.18103 le-06  179.167 700 145.621 97.8383 1700 :z49
12.3556 11.8128 10.9576 9.18103 179.167 145.621 97.8383 65.4149
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Figure 2-19 Transmission gain (lefi) and phase (right) of a
simple common-emitter bipolar amplifier without feedback
(solid) and with feedback (dashed).
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The dashed responses in Figure 2-19 are with Re increased to 8.2
ohms and Rf decreased to 270 ohms. This negative feedback
limits the low frequency gain to approximately 12 dB and there-
fore flattens the gain response with frequency The reduced low
frequency gain reduces the likelihood of spurious oscillations.
The feedback also provides a more ideal phase response with less
phase roll-off. The phase shift  is held within 90’ up to nearly 2
GHz.

Higher-frequency transistors inherently have phase shifts closer
to 180’ through higher frequencies. These devices also work well
with feedback because their higher gain. MMICs,  such as the
Avantek MSA0235, push the 140’ phase shift to over 800 MHz.
Eventually, the cause is lost and other techniques are required.
For example, a phase shit% network or short transmission line
may be added to the active amplifier and a zero-degree phase
resonator is used. Caution is advised when adding delay to reach
a zero- degree phase shift. It is possible to create a cascade with
more than one phase zero crossing. As long as the gain is less
than 0 dB for the undesired phase zero crossings, there should be
no problem. Otherwise, the network may oscillate at an unde-
sired frequency

2.18 Negative Resistance Analysis

Thus far our analysis of oscillators has been based on the open-
loop Bode response. A second method of analysis is based on
modeling the oscillator as a one-port with a negative resistance.
When a simple series or parallel resonator is connected to this
port, the oscillation level builds until limiting reduces the net
resistance to zero ohms.

The negative resistance analysis method is useful at microwave
frequencies where the phase shift  of an amplifier/resonator cas-
cade becomes difficult to manage. The negative resistance
method is useful for the analysis of grounded-collector tuned-base
and grounded-base tuned emitter VCOs which are popular in
UHF and microwave applications [lo].
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Although the negative resistance analysis characterizes the con-
ditions leading to oscillation and predicts the oscillation fre-
quency accurately, the author’s experience is that relating the
results of the analysis to the noise performance of the oscillator
is unreliable. This is a controversial position to take because of
the existence of a paper by K. Kurokawa which contains a rigorous
analysis of the noise performance of the negative resistance
oscillator [ll] . ‘An article by S. Hamilton [12] is also an excellent
reference on negative resistance oscillators and noise perform-
ance. We will return to this subject later.

Consider the simple model in Figure 2-20 of a negative resistance
oscillator. The right portion of the model, consisting of the nega-
tive resistance and the series capacitance, represents the active
device. A typical active device circuit which can develop negative
resistance, Rn, is given shortly The effective reactance can be
positive or negative and in series or parallel with the negative
resistance. The reactance is typically series capacitance for bipo-
lar grounded-collector tuned-base oscillators and parallel induc-
tance for bipolar grounded-base tuned-emitter oscillators.

The added external series-resonator consists ofL,t and Gt. J&t
is the loss resistance resulting from the finite resonator Q. The
simplest form of this oscillator is constructed by eliminating CM
and choosing L,t to resonate with C,ff at the desired operating
frequency This is the lowest loaded Q configuration. In the

DEVICE

IRn

Figure 2-20 Negative resistance oscillator model.



Oscillator Fundamentals 67

popular VCO, C,t is the tuning varactor. RI in the model is the
external load into which the output power is fed.

When power is applied to the circuit, the negative resistance
developed by the active device overcomes the output loading and
resonator loss resistance, RI + R,t. The signal level builds until
nonlinearities in the active device reduce the negative resistance
to exactly balance the total loss resistance.

The schematic of a simple bipolar negative resistance oscillator
is given in Figure 2-21. h!bl,  Rb2 and Re are bias resistors. The
addition of an emitter capacitor, Ce, increases the negative resis-
tance and increases C&, both of which are beneficial. Ce plays a
critical role in the performance of the common-collector negative-
resistance oscillator.

For the final analysis procedure we look into the transistor base
through the resonator. To form the oscillator the left side of Le is
typically grounded. A 50 ohm load resistor may be connected in
series with LB provided the transistor negative resistance ex-
ceeds 50 ohms. The characteristic impedance of the analysis is

Figure 2-21 Simple series mode negative resistance oscillator.



68 Oscillator Design and Computer Simulation

the oscillator load resistance, RI. It is common practice to take
output power by tapping the resonator inductor, Lb. This reduces
the loading. If the magnitude of the negative resistance devel-
oped by the transistor is greater than 50 ohms plus the resonator
finite-Q loss resistance, the load could be connected directly in
series with the resonator. This is very heavy loading and is
seldom used except in the case of power oscillators.

The feedback in this circuit which develops the negative resis-
tance is internal to the bipolar transistor. Microwave transistors
have low internal junction capacities and may not work as well
as lower-frequency or power transistors. When the internal junc-
tion capacities are considered, this circuit resembles a common-
collector Clapp oscillator.

When looking into the base of the transistor through the external
resonator, a net negative resistance results in an input reflection
coefficient  magnitude greater than 1. The frequency of oscillation
is where the net reactance of Lb, Cb, and C@is zero. This results
in an angle of the input reflection coefficient of zero or 180’.

The oscillation frequency is determined by looking into the tran-
sistor through the resonator. However, characterization of the
active portion of the oscillator without the resonator is an impor-
tant step in the design. This is done by looking directly into the
base without the resonator. The input reflection coefficient mag-
nitude and phase for a common-collector MRF559 bipolar tran-
sistor are given in columns 2 and 3 of Table 2-1. A characteristic
impedance of 50 ohms is used. An external emitter capacitance
of 1.5 pF and emitter resistance of 180 ohms are added to ground.
The transistor is biased at 10 volts and 25 mA. The reflection
coefficients and input resistance and reactance were found using
the =SuperStar= circuit simulation program.

Columns 4 and 5 contain the negative resistance and reactance,
which are related to the complex reflection coefficient by

Z*=Zo
l+C11

l-Cl1

where

2.64



Oscillator Fundamentals 69

Table 2-1 Negative resistance parameters of a
common-collector MRF559 bipolar transistor with 1.5-pF
emitter capacitance and 180 emitter resistance

Freq Cl1 Angle(deg) Rn(Q) Xef@) Cef APV
300 1.020 -20.2 -15.9 -280.2 1.89
525 1.121 -32.6 -35.0 -164.2 1.85
750 1.247 -44.6 -35.6 -112.4 1.89
975 1.411 -66.6 -26.5 -69.2 2.36
1200 1.565 -86.2 -22.3 -48.1 2.76

Zn = Rn + j&ff 2.65

The effective series capacitance in column 6 was computed from
the reactance,Xef.  The fact that C,ffis nearly constant over most
of the frequency range when a series model is assumed suggests
that the assumption of a series model is correct. If the transistor
were better modeled as a parallel configuration, the computed
parallel capacitance would be nearly constant with frequency
The series transistor model justifies the use of a series resonator
to complete the oscillator design.

If a different reference impedance were chosen for the analysis,
Cl1 would have a different value. However, Rn and C,f would
compute to the same values. This is a necessary result. How
could the measurement impedance looking into the base affect
the actual values of the physical circuit? An important variation
on this circuit is the use of a transmission line in place of Le. In
this case, the analysis is easier to interpret when the analysis
impedance is much less than the transmission line impedance.

Knowledge of the value of Cef is important. The oscillation
frequency is the resonant frequency of L, and Ce in series with
C,f. If the capacitance Ce is chosen larger than C,ff,  the net
capacitance is due largely to C,R, and Ce has little effect. The
unsuspecting designer wonders why the tuning range is less and
operating frequency is higher than expected.
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The value of Cefis generally determined once for each transistor
type and it is unnecessary to compute Rn and Ceff from Cl1 each
time an oscillator is designed. The analysis is done by looking
through the resonator and making certain that Cl1 is sufficiently
greater than unity across the tuning range to allow for device and
temperature variations.

A critical parameter which strongly effects both Cefand Rn is the
added emitter capacitance Ce. The effect of this parameter is
studied next.

2.19 Emitter Capacitance in Negative-R Oscillators

Bipolar common-collector negative resistance oscillator perform-
ance is enhanced by the addition of capacitance to ground at the
emitter. This is particularly important when high gain-frequency
bandwidth devices are used and when operating at lower frequen-
cies. The data for the MRF559 transistor given in Table 2-1
includes 1.5 pF of added emitter capacitance.

The first step when designing the common-collector negative
resistance oscillator is to examine Rn and X,ff (from which C,f
can be found) versus Ce. This is done by looking into the base
without the resonator present and tuning Ce. Figure 2-22 is a 3-D
plot of the Rn versus frequency (from the center to the right) and
versus values of Ce (from the center towards the back).

Notice at the lowest frequency (left edge of the surface) that
increasing capacitance to 10 pF results in increased negative
resistance. At the highest frequency, the negative resistance
reaches a maximum magnitude when Ce is approximately 6 pF.
From this we conclude the optimum value of Ce increases with
decreasing frequency

Shown in Figure 2-23 is a plot of the input reactance, Xin, as a
function of frequency and emitter capacitance. Notice the front
right edge of the surface (constant 10 pF for C,) tends to smaller
capacitive reactance with increasing frequency. This results
naturally since the reactance of a capacitor decreases with in-
creasing frequency.
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Figure 2-22 3-D plot of R, versus frequency (to the right) and
Ce (to the back).

Also notice at all points along the frequency axis that increasing
Ce decreases the magnitude of the capacitive reactance. Lower
capacitive reactance corresponds to larger values of capacitance.
Therefore larger values of Ce result in larger C&f.  This is desir-
able because for a given resonator larger C,ff tends to isolate the
active device from oscillator performance and increases the tun-
ing range.

From Figure 2-23 we conclude we should use the largest value of
Ce consistent with developing adequate negative resistance.
Higher gain-bandwidth transistors have less internal junction
capacitance and often require larger values of Ce to keep Ce@rom
being troublingly small, particularly at operating frequencies
below 10% of the device Ft. Aggressive use of high Ce is compli-
cated by inductance present in the capacitance to ground.
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C.CE

Figure 2-23 3-D plot of R, versus frequency (to the right) and
Ce (to the back).

Just as Ce plays a critical role in the design of common-collector
negative resistance oscillators, inductance in series with the base
of the common-base negative resistance oscillator is critical. The
first step in the design of these oscillators involves examining the
reflection coefficient looking in the emitter while adjusting induc-
tance from the base to ground. The reactance in series with the
negative resistance is positive and therefore inductive. The fact
that it is inductive helps avoid the limitation of the tuning range
caused by C,# in the common-collector configuration. However
the author’s experience is that the common-collector configura-
tion is somewhat less tricky to design.
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2.20 Looking Through the Resonator

As we have seen, the input impedance of the common-collector
bipolar negative resistance oscillator consists of a series negative
resistance and a capacitive input reactance. The first step in the
design involved evaluating this input impedance with the device
properly configured and added capacitance at the emitter.

The next step involves adding the resonator and again looking at
the input impedance but now through this resonator. The exter-
nal inductor in series with the external capacitance, Cext, and the
effective internal capacitance, Ceff,  form a series circuit which
resonates at the oscillation frequency Looking through the reso-
nator, the input impedance is resistive with a net reactance of
zero. For oscillation to occur, a linear analysis must yield a
negative real component of the impedance. As the oscillation
level builds, device non linearities reduce the device negative
resistance until its magnitude equals the positive resistance in
the input series circuit loop.

A plot of the input resistance and reactance of an oscillator
similar to that shown in Figure 2-21 is given in Figure 2-24. The
flatter curve is the input resistance with a scale of -100 to 100
ohms (left vertical axis). For this particular oscillator the resis-
tance ranges from -28 ohms at 500 MHz to -9 ohms at 1000 MHz.
The input reactance is given as the curves with greater slope. The
scale on the left is -250 to 250 ohms. The solid trace to the right
is with a series external capacitance of 1 pF and the dashed curve
on the left is with this capacitor tuned to 6 pF. With 1 pF external
capacitance the reactance is zero and the oscillation frequency is
at 940 MHz, marker #3. With 6 pF external capacitance the
oscillation frequency is 570 MHz, marker #2. For the analysis the
inductor is specified with an unloaded Q of 90. The loss resistance
associated with this finite Q is included in the analysis and the
net negative resistance is -28 ohms at 570 MHz and -12 ohms at
940 MHz.
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Figure 2-24 Plot of the input resistance (flatter  curve) and
reactance (sloped curve) of a negative resistance oscillator
looking through the resonator.

2.21 Negative Resistance Oscillator Noise

In the Hamilton reference, the negative resistance oscillator
minimum loaded Q is defined without C&t and &Fresonates  with
Lext at the operating frequency The minimum value of Lext is
referred to as L. The minimum loaded Q, Qd, is

2.66

For the MRF559 circuit depicted in Table 2-1, Qd at 750 MHz is
approximately 3.2.
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When Cext is reduced, and L,t is therefore increased, the loaded
Q is improved. The loaded Q is

2.67

The equation given by Hamilton is in a different form, based on
the ratio of L, to L, but is essentially equivalent. Hamilton refers
to the loaded Q as Qezt.

The problem here is that as the circuit is lightly loaded, RI
approaches zero, the loaded Q approaches infinity, and the circuit
becomes free of noise. This is clearly a dilemma. The astute
reader observes that the resonator loss resistance is missing from
Hamilton’s expression, and that if it were included, the lightly
loaded Q approaches the unloaded Q of the resonator.

Because this resonator is a one-port the coupling techniques used
to construct high-Q two-port transmission resonators are difficult
to apply Increasing the loaded Q of this series resonator involves
increasing L,t and decreasing C&t.  Ultimately unrealizable
values are required. At UHF and higher frequencies it is difficult
to realize loaded Qs higher than about 5. In any case, negative
resistance oscillators are not recommended when noise perform-
ance is the limiting factor. This may not be a severe limitation
for broadband VCO design because varactor modulation noise, as
discussed in a subsequent chapter, generally limits the noise
performance of these oscillators. It has been observed that an
impedance transformation, by using a transformer between the
resonator and the transistor base, improves the loaded Q.

2.22 Negative Conductance Oscillators

The common collector negative resistance oscillator model intro-
duced in Section 2.18 operates in a series resonant mode. The
device small signal input port reflection coefficient may be plot-
ted on an impedance Smith chart with a negative normalizing
resistance. If the reflection coefficient is measured with increas-
ing incident signal level the device becomes non-linear and the
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reflection coefficient begins to change. When the device behaves
in an ideal series resonant mode as the incident signal level
increases the magnitude of the negative resistance decreases but
the reactance does not change. The locus of plotted reflection
coefficient data with increasing incident signal level moves along
constant reactance arcs on the Smith chart. This configuration
is referred to as open circuit stable because if the device port is
left open the circuit does not oscillate.

Consider the simple oscillator schematic in Figure 2-25 which
utilizes a common base bipolar configuration. The resonator
consists of Le and Ce connected to the emitter. The common
collector configuration given in Figure 2-21 uses emitter capaci-

negr
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Figure 2-25 Simple parallel resonant mode negative
resistance (conductance) oscillator.
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tance  to control the negative resistance developed at the base.
The inductor Lb in the base of the circuit in Figure 2-25 serves a
similar function for the common base configuration. Capacitor
Cb is a bypass capacitor.

When the reflection coefficient of this configuration is observed
versus increasing incident signal level the locus of points moves
along constant susceptance arcs on an admittance Smith chart
normalized with a negative conductance. Given in Figure 2-26
are common base emitter input characteristics of a microwave
bipolar transistor at 1.6 GHz and 2.6 GHz plotted on an imped-
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Figure 2-26 Reflection coefficient at the emitter of a common
base negative conductance oscillator with increasing incident
signal level. (Courtesy of Larry McKinney of Scientific-Atlanta).
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ante Smith chart with a normalized resistance of -50 ohms. No
external inductance is added and the base inductance is only
ground path inductance. The dashed lines are arcs of constant
susceptance lifted from an admittance Smith chart.

Marker number 1 is at 1.6 GHz at low incident input level.
Marker number 2 is with the incident signal level at +0.5 dBm.
At this level the device has become sufficiently non-linear that
the negative conductance is zero mhos. Because the locus of
points lies nearly on a constant susceptance arc the frequency
suffers only limited shift as the oscillation level builds to a final
steady state level. Marker number 3 is at 2.6 GHz and low
incident input level. The negative conductance is zero mhos at
marker number 4 with an incident signal level of +9.5 dBm.

Since the locus of points follow very nearly arcs of constant
susceptance the operating mode is parallel resonant. This con-
figuration is short circuit stable and oscillation does not occur
with a short on the emitter.

Given on the left in Figure 2-27 is the input reflection coefficient
of a common base negative conductance oscillator plotted on an
impedance Smith chart with a normalizing resistance of -50
ohms. The circuit configuration is similar to Figure 2-25 where
the refection  coefficient is measured across a parallel resonant
circuit on the emitter. On the right is the same reflection coeffi-
cient plotted on a polar chart with a circumference of 2 and
normalized with +50 ohms. Marker number 1 is at 500 MHz.
Resonance and oscillation occur at marker 2 at 710 MHz. The
input reflection coefficient  crosses the circumference of the Smith
chart and the unity circle on the polar chart by marker number
3 at 860 MHz.

Careful examination of Figure 2-25 reveals a potential problem.
The oscillator resonator at the emitter is capacitive above the
desired resonant frequency At these frequencies the circuit be-
haves like the negative resistance oscillator shown in Figure 2-21
and develops negative resistance at the base. The inductor Lb
(which assists in developing negative conductance at the emitter)
then series resonates with the base bypass capacitor forming a
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Figure 2-27 Input reflection coefficient of a common base
negative conductance oscillator configuration plotted on an
impedance Smith chart normalized to -50 ohms (left) and on a
polar chart with radius greater than unity and normalized
with +50 ohms.

second oscillation mode. Therefore the bypass capacitor must be
carefully selected to insure that the base series resonant fre-
quency occurs at a frequency where there is no negative resis-
tance at the base, otherwise severe spurious modes will exist.

This completes the discussion in this chapter of topics specific to
negative resistance and conductance oscillator design. Addi-
tional examples of these oscillators are given in Chapter 9.
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2.23 Stability Factor and Oscillator Design

The objective of negative resistance oscillator design is to develop
negative resistance at the port of an active device. When a passive
resonator, such as a series L-C circuit, is placed at the port the
net loop resistance is less than zero and oscillation builds. From
the viewpoint of amplifier design, negative resistance at an am-
plifier port signifies the circuit is unstable. A passive load with
a positive resistance can result in oscillation. Therefore oscilla-
tion based on a reflection coefficient greater than unity is related
to amplifier instability

However, it is important to recognize that the previous method of
oscillator design which utilizes an amplifier resonator cascade
relies on a stable amplifier section. Oscillation is induced when
the output is connected to the input. If the open loop amplifier is
unstable at one or both ports the phenomena controlling the
oscillation frequency and other characteristics is uncertain.
Therefore, the amplifier should be designed with the same care
used to insure that any amplifier is stable. Stable bipolar ampli-
fiers can be built in common emitter, common collector or common
base configuration. However, the common emitter form is gener-
ally more stable and is preferred unless a specific reason suggests
otherwise. The poorer stability of the common-base and common-
collector forms is why they work well as “unstable” negative
resistance oscillators.

The importance of stability considerations in amplifier resonator
cascade oscillators is illustrated by the schematic of a proposed
tuned emitter amplifier resonator cascade in Figure 2-28. Bias-
ing and decoupling elements are eliminated for simplicity The
common-emitter amplifier with resistive series (27 ohm) and
shunt (270 ohm) feedback has 180’ transmission phase shift and
the transformer inserts an additional 180’ phase shift. The L-C
network at the emitter is an effective bypass at the series reso-
nant frequency with a resultant gain peak and phase zero cross-
ing. The effective resistance presented to the series resonator is
low and the loaded Q of the cascade is high. This is the basis of
the high-performance Driscoll oscillator studied in Chapter 11
where a quartz crystal is used as the series resonator.
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Figure 2-28 Tuned emitter amplifier resonator cascade for a
proposed oscillator.

However, notice that below resonance the net reactance of the
series L-C is capacitive which results in a negative resistance at
the input of the cascade. Extreme care must be exercised to
insure that the transformer and biasing components do not offer
the opportunity for instability at the device base or collector.

2.24 Output Coupling

Thus far, the oscillator has been studied ignoring loading effects.
The oscillator is formed by connecting the cascade output back to
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the input or by grounding the port where the reflection coefficient
was viewed. The question arises: How is output taken from the
oscillator? A number of techniques are available.

An obvious and analytically rigorous method is to insert a direc-
tional coupler or power splitter in the closed loop. For greatest
output power, a low coupling value can be used. For loops with a
high gain margin, the coupled arm can be used to close the loop,
and the majority of power is delivered to the load.

Directional couplers are generally more complex than is required
to couple energy from the oscillator. A more economical method
is to couple power by connecting a capacitor or inductor from an
appropriate point in the circuit to the load. The Bode response
analysis is modified to include the coupling element and the load.
The degree of coupling is controlled by the reactance of the
coupling element. When the coupling element and load are added
to the analysis, the effects of output coupling on the gain margin
is naturally included.

Consider the simple series reactor and load network on the left
in Figure 2-29. This network represents the coupling element
and the load. For small values of coupling reactance (a large
capacitor or a small inductor), the reactance has little effect and
the load is effectively connected directly to the circuit. This is
referred to as tight coupling. For high-impedance loads, such as
a buffer amplifier, this works well. For a 50 ohm load, the loading
may reduce the gain margin, perhaps even below unity gain. This
tight coupling also causes oscillator performance parameters to
be heavily dependent on load characteristics and changes.

On the right in Figure 2-29, the effective parallel resistance, RP,
and reactance, X,, which load the cascade are shown. Increasing
the coupling reactance, Xs, reduces the resistive loading on the
cascade by increasing RP. The parallel and series values are
related by

2.68
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Figure 2-29 Series-to-parallel network conversion valid for a
given frequency.

Rs2 +Xs2
xP= x

s

and

2.69

2.70

xs = RP2 XP

Rp2 +Xp2
2.71

The coupling reactances  in the equations above may be inductive
or capacitive. A series coupling reactance equal to the load
resistance results in a parallel load resistance of twice the load
resistance. A coupling reactance of three times the load resis-
tance results in a parallel load resistance of 10 times the load
resistance.

The degree of loading on the cascade by the coupling network is
dependent on the impedance level at the coupled location. For
example, an effective 500 ohm load at a circuit location with an
impedance level of 50 ohms has a minimal effect on the gain
margin or loaded Q. On the other hand, the same load across the
resonator, where the impedance level is high, may have a consid-
erable effect.
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Power may be extracted from any point in the oscillator. In
general, higher power levels but poorer harmonic performance is
achieved when energy is coupled at the collector of bipolar oscil-
lators. Lower output levels with excellent harmonic performance
are available by light coupling directly from the resonator. These
issues are further illustrated in Chapter 3, Limiting and Starting.

2.25 Pulling

The impedance of the load coupled to the oscillator effects the
output level and oscillation frequency Variation of the output
frequency with load changes is referred to as pulling. Pulling can
be examined directly by computer simulation or direct measure-
ment by varying the load impedance while observing the cascade
phase response, the reflection coefficient or the actual oscillation
frequency

Load variations in a given system typically depend on tolerances
and extreme changes are avoidable. Pulling is typically specified
for a load with a given return loss magnitude at any angle. A
return loss magnitude of 12 dB (VSwR=1.671)  is commonly used
to define a pulling specification.

In a 50 ohm system a 12 dB return loss corresponds to complex
impedances of 29.9, 44.1 - j23.6, 83.5, and 44.1 + j23.6 ohms at
return loss angles of -180°,  -90°,  0’ and 90’ degrees respectively
This range of impedances is achieved by rotating a 29.9 or 83.5
ohm termination through a variable length of 50 ohm transmis-
sion line.

This technique is illustrated in Figure 2-30. The input resistance
and reactance are plotted for a negative resistance oscillator
similar to that in Figure 2-21. A 29.9 ohm load resistor termi-
nates a 50 ohm transmission line which is 25 wavelengths long
at 750 MHz. This 12 dB return loss (referenced to 50 ohms) is
coupled to the oscillator emitter through a 1 pF coupling capacitor
(solid traces) and a 6.8 pF coupling capacitor (dashed traces). The
peridicity of the traces illustrates the effect of the varying return
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Figure 2-30 Load pulling effects on the input resistance of a
negative resistance oscillator with light coupling (solid) and
heavy coupling (dashed).

loss phase which rotates versus frequency for the long length of
transmission line.

The 1 pF capacitor at the emitter is light coupling. The negative
resistance and input reactance are only slightly perturbed. When
this load is coupled to the oscillator emitter through a 6.8 pF
capacitance the coupling is tight. At higher frequencies the
resistance is not negative at some load phases. Oscillation could
not occur with these load conditions. The tight coupling case also
reveals significant frequency pulling with load variation.
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2.26 Pushing

Ideally, the oscillation frequency and amplitude are independent
of the supply voltages. Supply voltages generally drift with time,
temperature, and load variations. In addition, noise on the supply
lines causes significant FM and AM modulation to an oscillator
which is unduly affected by the supply voltage. Pushing is
measured simply by manual adjustment of the supply voltage and
observing the resulting frequency and amplitude variation. For
example, a measured frequency sensitivity to supply voltage
might be 10 kHz./volt.  A supply voltage ripple of 0.5 mV peak at
120 Hz would then result in a peak phase deviation of

$ = 2~10,000
o.5x1o-3

120
= 0.262 rad 2.72

This results in a modulation level for the 120-Hz sidebands of

~cfm) = 20 logy = -17.7 dBc 2.73

Filtering the supply voltage reduces this problem, but a more
ideal solution is an oscillator design with higher loaded Q. Higher
loaded Q isolates the resonant circuit from active-device junction
capacitance variation due to supply changes. The total reactance
loading the resonator is often a function of several different
parameters of a device. Therefore, some oscillator designs, or
certain operating voltages for a given design, may have a low-fre-
quency sensitivity to the supply voltage. It is good practice to
adjust the supply voltage of the design prototype manually and
observe what happens to the oscillation frequency and amplitude.
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Limiting and Starting

Thus far, oscillator design has been considered assuming linear
operation of the active device. Many aspects of oscillator perform-
ance are predicted by these linear design considerations. In this
chapter the nonlinear aspects of the design are considered. This
allows prediction of most remaining oscillator performance pa-
rameters.

3.1 Limiting

Assuming that oscillation criteria is satisfied, an oscillator is
formed by connecting the output of the resonator-amplifier cas-
cade to the input. Oscillations then build up until the excess loop
gain is lost because of limiting in the active device. Limiting
occurs when the transistor is driven into saturation and/or cutoff
during a portion of the waveform cycle. If the excess loop gain is
small, the required limiting is slight, waveforms are nearly
sinusoidal, and nearly-class-A operation conditions exist. The
linear design considerations and parameters have the greatest
validity in this situation. If the excess loop gain is large, and AGC
or other form of external limiting is not applied, the active device
may remain saturated or cut off over a significant portion of the
waveform period. This results in class-C operation conditions.
This is normally undesirable, except in the design of high-effi-
ciency, high-output power oscillators.
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3.2 Amplitude and Frequency Stability

For near-class-A operation, if limiting is due to cutoff, the oscilla-
tion amplitude is proportional to the emitter bias current. If
limiting is due to saturation, the amplitude is proportional to the
quiescent dc collector-emitter voltage [l]. These parameters may
be established with nearly any desired degree of stability by the
selection of bias network type and complexity Because the output
level and gain of the cascade amplifier are dependent on the
supply voltage and bias conditions, changes in the supply voltage
and temperature affect the output level. Otherwise, the steady-
state output level is relatively constant.

In a well-designed near-class-A oscillator, the frequency is deter-
mined primarily by the resonator. As the loaded Q is increased,
the active-device reactances become less significant in determin-
ing the oscillation frequency Changes in these parameters from
device to device, with temperature and with supply voltage, have
less effect. A simple test of how well the active-device reactances
are isolated from the resonator is to observe the operating fre-
quency as the supply voltage(s) is varied. Only small changes in
the operating frequency should be observed.

The temperature characteristics of resonators are sometimes
compensated by adding a component, usually a capacitor, with
known temperature characteristics. The temperature charac-
teristics of an L-C resonator alone are much simpler functions of
temperature than the combined characteristics of the resonator-
amplifier cascade. The prospects for successful frequency com-
pensation of the temperature characteristics are therefore much
better for high-Q, near-class-A oscillators.

Designers of class-C power amplifiers are aware of the fact that
the large-signal two-port parameters of devices are significantly
different from the small-signal two-port parameters. In Table 3-l
the class-A (15 V and 80 mA) and class-C (13.6 V and PO = 1 W>
parallel input and output impedances for a 2N3948  at 300 MHz
are given [2]. The significant shift of resonator loading caused by
these parameter changes during class-C operation causes fre-
quency pulling. High loaded Q reduces, but does not completely
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Table 3-1 Class-A and Class-C Transistor Parameters

Parameter Class-A Class-C

Rin
Xin
Rout
X out
Gf

9 ohms
0.012 uH
199 ohms
4.6 pF
12.4 dB

38 ohms
21 pF
92 ohms
5.0 pF
8.2 dB

eliminate, these effects. In the case of high-efficiency power
oscillators, resonator losses must be kept low. This requires lower
loaded Qs, which aggravates the problem. The resonator circu-
lating current causes dissipation in the loss resistance of resona-
tor components. The resulting component temperature rise may
cause frequency drift as the oscillator warms up after turn-on.
This problem is most significant with higher power levels and
when frequency stability requirements are critical. For all these
reasons, the designer of high-efficiency power oscillators should
expect some shift in the oscillation frequency as predicted by
analysis of the linear phase-zero-crossing frequency

The highly nonlinear conditions of oscillators with heavy limiting
also cause the active device to act as a mixer. This may allow noise
at baseband and harmonics of the carrier frequency to modulate
the carrier and appear as noise sidebands around the carrier. The
high-collector base voltage swing “pumps” the collector-base ca-
pacitance. This tends to create effective negative circuit resis-
tance at harmonics of the fundamental oscillation frequency This
phenomenon is used to advantage in parametric amplifiers but
may increase the output level of harmonics in oscillators. If this
problem is severe, the greatest output level may occur at a
harmonic of the fundamental frequency

3.3 Class-A Operation

Except for the case of high-efficiency power oscillators, the design
goal is therefore to ensure near-class-A operation. The simplest
method of ensuring near-class-A operation is to design the reso-
nator amplifier cascade with small excess loop gain. The problem
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with this approach is ensuring that the loop gain does not fall
below unity with temperature, device, loading, or other circuit
changes. A second problem is that starting in an oscillator with
low loop gain is slower.

A second solution is to apply AGC to the circuit. The output is
sampled and a dc voltage proportional to the oscillator output
level is developed. This dc voltage controls the bias of the loop
amplifier, regulating the gain at the minimum value necessary
for oscillation.

A third solution involves adding a second active stage with
well-behaved limiting characteristics which is isolated from the
resonator. For example, a differential amplifier acts as a limiter
without saturating the transistors. Antiparallel diodes may be
used in a similar fashion. Reference [ 3 ]  contains an example of
the latter for a two-transistor 20 MHz Pierce crystal oscillator.

The fourth solution involves applying feedback to the amplifier.
This approach

(a) Uses a minimum of additional components

(b) Establishes a stable and flat gain versus frequency

(c) Improves amplifier linearity

(d) Reduces amplifier phase shift

(e) Reduces effects of device parameter variations

(f) Improves the amplifier input and output match

AGC and isolated limiting are good choices for more critical
applications. The feedback approach, with its many desirable
characteristics, makes it a good choice for cost-driven or less
critical applications.

3.4 Near-Class-A Example

Shown in Figure 3-l is a block diagram for a 20 MHz oscillator.
The amplifier is a Motorola MWA110 hybrid amplifier. The
resonator is a series inductor-capacitor decoupled from the input
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Figure 3-1 Block diagram for a 20 MHz near-class-A
oscillator example.

and output via shunt 1000 pF capacitors, as shown in Figure 3-2.
The lead inductance of 1000 pF capacitors would be significant
at 20 MHz, so leadless  capacitors were used.

The measured small-signal gain and phase shift through 200
MHz for the MWA110 amplifier with a 13.6-volt  supply voltage
and a 1000 ohm external decoupling resistor is given in Figure
3-3. The gain and phase shift at the desired operating frequency
of 20 MHz is approximately 12 dB and 160’. The measured
insertion loss and phase shift of the resonator are given in Figure
3-4. The inductor was tuned until the phase shift of the resonator
was 180’ at 20 MHz. Notice that the phase shift at resonance, as
defined by the peak of the amplitude response, is approximately
-165’. The loaded Q is approximately 36. The insertion loss of

950nH 77pF

?r=+trY

1

1OOOpF

1:
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- -- -

Figure 3-2 Resonator used in the 20 MHz oscillator example.
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Figure 3-3 Measured gain and phase response through 200
MHz for the MWAllO amplifier used in the loop oscillator
example.

2.7 dB at resonance is the result of a component unloaded Q of
approximately 140.

The output is taken by a broadband ferrite 6 dB coupler. The
coupled port has a measured loss relative to the input of 6.5 dB
and a through-port loss of 1.5 dB with only a few degrees of phase
shift at 20 MHz. A step attenuator is included within the cascade
to test the effects of loop gain on oscillator behavior. The step
attenuator is switchable from 0 though 15 dB of attenuation in 1
dB steps. The phase shift is only a few degrees. The open-loop
gain and phase shift for the cascaded MWAllO and resonator is
given in Figure 3-5. The open-loop gain peaks near 10 dB at 19.9
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Figure 3-4 Measured gain and phase response of the resonator
used in the loop oscillator example. The resonator is
terminated on the imput and output with 50 ohms.

MHz just below the marker frequency The gain peak and maxi-
mum phase slope are nearly coincident in frequency, but zero-
degree phase shift occurs somewhat lower at 19.85 MHz. The
open-loop gain is approximately 9 dB at the phase zero crossing.
Fifteen degrees less phase shift would be more optimum, but the
phase slope at the phase zero crossing is not far below the
maximum value.



96 Oscillator Design and Computer Simulation

Figure 3-5 Measured gain and phase response of the MWA110
and resonator cascade.

3.5 Predicting Output Level

The limiting phenomenon in oscillators is similar to amplifier
limiting. Amplifier output saturation is generally measured with
a generator or matched amplifier driver. The “driver” in the
oscillator case is often the oscillator tank, with reactances that
are capable of high peak currents during nonlinear operation.
However, the limiting characteristics of amplifiers and oscillators
with small loop gain are similar enough to allow reasonably
accurate prediction of oscillator output power by studying the
output saturation characteristics of the open-loop resonator am-
plifier cascade.
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Given in Figure 3-6 is the measured output power and gain versus
input power for the hIWAll  unit used in these tests. The
MWAllO is a moderate-gain hybrid with a low output-level
capability The manufacturer specifies the typical 1 dB gain
compression level as -2.5 dBm [4]. The 1 dB gain compression of
the measured unit, as determined from Figure 3-6, is 1 dBm,
which is not unreasonably different from the typical specification.
Somewhat disconcerting, however, is the fact that the gain at
moderate signal levels is approximately 1 dB above the low-signal
gain. This sometimes results from bias shifting caused by the
input signal level and is generally undesirable in class-A ampli-
fiers. The gain was measured using a network analyzer to avoid
contributions to the output power from harmonics of the input
frequency

Predicting the output level of the oscillator based on the open-loop
gain margin and the amplifier saturation characteristics is dis-
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Figure 3-6 Measured signal gain and output power vs. input
power for the MWA110 amplifier.
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cussed next. The loop gain is adjusted with the step attenuator
in the cascade, as shown in Figure 3-l. With the step attenuator
set to 0 dB, recall that the loop gain is approximately 9 dB at the
phase zero crossing minus 1.5 dB for the through-port loss of the
directional coupler, or 7.5 dB. The cascade output is connected to
the cascade input via a short coaxial jumper. The spectrum of the
resulting oscillator taken at the coupler output with the step
attenuator set to 1 dB is given in Figure 3-7. With 1 dB in the
step attenuator, the loop gain is 6.5 dB. Therefore, approximately
6.5 dB of gain compression is needed in the amplifier. The output
level of the MWA110 with 6.5 dB gain compression is approxi-
mately 3 dBm. The output is taken through the resonator and
the coupler, which represents 9.2 dB of loss relative to the
MWA110 output. The expected output level is then - 6.2 dBm.

Figure 3-7 Output spectrum of the oscillator configuration in
Figure 3-l with the step attenuator set to 1 dB.
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The resulting oscillator output spectrum with the attenuator set
to 6 dB is given in Figure 3-8. The required gain compression is
1.5 dB when the step attenuator is set to 6 dB. This corresponds
to an MWA110 output level of 1 dBm,  or -8.2 dBm at the coupler
output. The measured fundamental output levels with 1dB and
6 dB attenuator settings, as read from Figures 3-7 and 3-8, are
-10.1 and -13.7 dBm, respectively The differences in the pre-
dicted and measured output levels are probably a result of differ-
ences in limiting characteristics for the MWA110 when driving
the reactive resonator load or a 50 ohm load.

When the coupler is moved from the resonator output to the
output of the MWA110, the measured oscillator output spectrum
is given in Figure 3-9. For this measurement the step attenuator
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Figure 3-8 Output spectrum of the oscillator configuration in
Figure 3-1 with the step attenuator set to 6 dB.
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Figure 3-9 Output spectrum of the oscillator with the coupler
moved to the output of the MWAllO.

is set to 6 dB. The fundamental output power is -7.2 dBm. This
is closer in agreement with a predicted output level of -5.5 dBm.

In Figure 3-10 the output spectrum is given for the loop connected
through the coupled port of the coupler. The additional loss
associated with using the coupled port instead of the through port
is compensated for by removing the step attenuator. This allows
taking the output via the through port of the coupler, which
results in greater output power. A block diagram of this configu-
ration is given in Figure 3-11. With a 6.5 dB coupler loss, 2.5 dB
of gain compression is needed. From Figure 3-6 the expected
MWA110 output level is 2 dBm. With 1.5 dB through loss for the
coupler, the expected oscillator output level is 0.5 dBm. This is in
excellent agreement with the measured output power of -0.9 dBm.
In the latter two configurations, the resonator is isolated from the
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Figure 3-10 Spectrum of the oscillator with the output taken
from the through port of the coupler.

h4WAllO via the coupler. This is probably responsible for the
much closer agreement of the predicted and actual output levels.

These are approximate but simple and effective methods of esti-
mating the approximate output power of oscillators. A coupler is
used in this example to take output power. The simplest coupling
method is to connect the hybrid output directly to the resonator
and couple out with a capacitor or inductor. Capacitive coupling
is the most economical, while inductive coupling results in less
harmonic content in the output.
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Figure 3-11 Oscillator configuration with the output taken
from the through port of the coupler.

3.6 Output Harmonic Content

The resonator has a significant effect on harmonic currents.
Therefore, accurate prediction, based on amplifier harmonic con-
tent, of oscillator harmonic content is difficult. Although not
rigorous, certain considerations are useful to the designer wish-
ing to minimize harmonic levels in the oscillator output. First of
all, oscillators with large excess gain require hard limiting to
absorb the excess gain. This increases the harmonic content in
the resulting waveforms. This effect is illustrated in Figure 3-12.
The output level and second harmonic output of the oscillator
configuration in Figure 3-l are plotted versus the step attenuator
setting. Recall that a step attenuator setting of 1 dB corresponds
to a loop gain of approximately 6.5 dB. Therefore, with the step
attenuator at 7 dB, the gain margin has fallen to 0.5 dB, and the
output power is low. As expected, the second harmonic level
decreases with less loop gain. In fact, spectrum plots at each step
attenuator setting show that decreasing loop gain decreases the
level of all harmonics, at least through the fifth harmonic. This
is suggested by observing the output spectrums in Figures 3-7
and 3-8 for attenuator settings of 1 and 6 dB, respectively

However, the point at which the output is coupled is often more
significant than the loop gain. Consider Figures 3-8 and 3-9.
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Figure 3-12 Measured fundamental output level and
harmonic output vs step attenuator setting amplifier for the
oscillator configuration in Figure 3-1.

Both spectrums are with the step attenuator set at 6 dB. How-
ever, in Figure 3-8 the output coupler is located after the resona-
tor, while in Figure 3-9 the coupler is located directly at the output
of the MWAllO.  In the former case, the oscillator resonator,
which is in essence a bandpass  filter, is used to filter the resulting
output spectrum. Although the fundamental output level is re-
duced, the harmonic performance is improved dramatically
When coupling directly to the resonator, care should be exercised
so that variations of the load are not reflected back into the
resonator, and therefore affect the operating frequency or loop
gain. Using a high-impedance buffer amplifier, which therefore
loads the resonator more lightly, may improve oscillator stability
Using a higher reactance coupling element also improves
oscillator stability This also reduces the output power level, and
the trade-off should be made based on the relative importance of
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stability and output power requirements. Biasing the oscillator
for a greater power level and decreasing the coupling improves
load stability and short-term stability (phase noise). However, a
higher power level increases resonator component dissipation
and therefore increases the warm-up drift.

The reactance of a coupling capacitor decreases with increasing
frequency, This tends to couple harmonic energy to the output.
Inductive output coupling has the opposite effect and tends to
reduce harmonic output. Capacitive coupling is more economic,
and the effect mentioned above is insignificant when using low
coupling reactance.

3.7 Class-C Power Oscillators

When high output power is required, and stability and noise are
of less concern, the oscillator may be designed for class-C opera-
tion. Shown in Figure 3-13 is a 1680 MHz radiosonde oscillator
[5] .  This oscillator has an output power of 2 watts with an
efficiency of nearly 30%. The bias is very “stiff.” There is no
collector resistor and the emitter resistance is only 7.8 ohms.
High peak currents, limited primarily by the transistor, flow for
a small fraction of the waveform period, but supply substantial
power to the tank. An exponential taper transmission line is used

5.5 50

r

7.8
ohms

RCA 40125
ohms ohms

Figure 3-133 High-power class-C L-band oscillator.
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in this oscillator to couple the collector to the 50 ohm output. Cl
resonates the transistor lead inductance to provide a very low
base impedance.

The stiff bias is characteristic of class-C oscillators, as opposed to
substantial collector resistance and heavy shunt and series feed-
back typical in near-class-A oscillators. The initial dc bias current
in a class-C power oscillator is typically a fraction of the average
current flowing after oscillation begins.

Because the requirement is for substantial output power, output
coupling is tight, as opposed to the near-class-A design, where
coupling is generally loose to improve stability and noise perform-
ance. The output in class-C designs is often conjugately matched
to provide maximum power transfer. The output matching net-
work is designed using typical class-C amplifier techniques [6] .

3.8 Starting

Oscillation in the resonator amplifier cascade requires the cas-
cade to provide its own input signal. What causes the cascade to
start? Starting in a well-designed oscillator is not a problem. In
fact, the process is very repeatable.

When power is applied to the cascade, large voltage changes in
the bias network result in voltage changes in the resonator
network. These voltage changes excite the natural frequency of
the resonator and signal buildup can begin. The time constants
of the bias network are generally such that the signal developed
in the resonator is small; however, the excess loop gain continu-
ously increases the level until limiting occurs.

If bias transients did not start oscillation, cascade noise would.
Natural thermal noise in the cascade is bandlimited by the
resonator. The resulting colored noise is amplified by excess loop
gain and ultimately starts oscillation.
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3 . 9  StartingTime

The time required to reach a steady-state oscillation level is a
function of the excess gain and cascade input to output delay.
Reference [7] derives an expression for buildup time, but the
cascade delay is incorrectly stated to be the oscillation period.
The cascade delay, primarily from the resonator, is a function of
resonator Q and the oscillation period (frequency). For a single
resonator

2&zt(j = -0
3.1

Figure 3-14 is a schematic of an oscillator similar to the oscillator
in Figure 3-l. The coupler splitter has been removed and the
output is taken via a 100 pF capacitor. Vcc is 12.5 V switched at
a 1 kHz rate. The measured cascade open-loop gain with Vcc equal
to 12.5 Vdc  is approximately 10 dB. Shown in Figure 3-15 is Vcc
and the output waveform into the 50 ohm load with the loop
output connected to the loop input via a short coaxial jumper.
Figure 3-16 shows the same waveforms, but with a 6-dB pad
inserted in the loop output-to-loop input jumper. Without the 6
dB pad, the output is within 3 dB of the steady-state value in

+12.5 Vdc
Sw i t ched
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Loop
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-

Figure 3-14 A 20 MHz oscillator studied for starting
characteristics.
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transistor oscillators, with large bias resistances and decoupling
capacitors, often have long time constants.

Bias time constant effects on starting are circumvented when Vcc
is continuously applied and the RF signal path is switched. If the
switching network supplies a steady resonator inductor current
or resonator capacitor voltage prior to closing the loop, the start-
ing phase of the oscillator can be controlled.

3.11 Frequency Effects of Limiting

As limiting occurs, the load presented to the resonator by the
active device changes. Therefore, the operating frequency is
expected to be a function of the degree of limiting, and thus the
loop gain. These effects are minimized by a high loaded Q.
Consider the resonator in Figure 3-2. The loaded Q increases
with increasing shunt capacitors. With sufficiently large shunt
capacitors, shifts in the reactance presented to the resonator
caused by limiting effects in the active device have no effect on
the operating frequency In this case, with a loaded Q of approxi-
mately 36, the shunt capacitors are 1000 pF each. High-fre-
quency transistors have junction capacitances of only a few
picofarads. Even substantial changes in these capacitances due
to limiting will have only a small effect on the operating frequency
of a high-Q near-class-A oscillator.

Table 3-2 Operating Frequency versus Step Attenuator

Attenuator (dB) Frequency (MHz)

19.792
19.793
19.789
19.781
19.779
19.772
19.770
19.767
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The operating frequency, measured with a digital frequency
counter, of the oscillator in Figure 3-l with various step attenu-
ator settings is given in Table 3-2. The operating frequency with
7 dB in the step attenuator, and therefore little limiting, is only
25 kHz different from the operating frequency with 0 dB attenu-
ation, which is 7.5 dB of gain compression. This 25 kHz shift is
only 0.13% of the operating frequency Also notice that the
operating frequency is in excellent agreement with the oscillation
frequency predicted by the zero-degree phase shift frequency, over
the entire range of gain compression tested here.
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Noise

An ideal oscillator output voltage is described mathematically as
a pure sine wave of constant frequency and amplitude. A real
oscillator output voltage is expressed as

v(t) = [1 + WI co.5 ko&) + q(t)1

with random processes

4.1

n(t) = amplitude noise modulation 4.2

q(t) = phase noise modulation 4.3

In well-designed oscillators, amplitude noise is less signifcant
than phase noise, and will not be considered further [1].

The phase noise performance of oscillators has become increas-
ingly important because communications channels have become
closer spaced and more heavily loaded, data transmission systems
often require low phase noise, military EW and CCC systems are
more sophisticated, and higher frequencies are being used by a
variety of systems [2]. Broadband voltage-controlled oscillators
used in electronically tuned PLL applications, which are now
common, are inherently noisy.

4.1 Single-Sideband Phase Noise

Phase noise performance is described by various terms in both
the frequency and time domains. In the frequency domain, the
phase noise modulation creates continuous spectra sidebands,
which generally decrease in level with increasing frequency off-
sets, fm, from the carrier. This common form of phase noise
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description is the single-sideband (SSB) phase noise, L(fm). The
units are dBc/Hz,  or decibels below the carrier in l-Hz bandwidth.

4.2 Amplifier Noise

Before considering the phase noise of an oscillator, let us review
the phase noise of an amplifier. Shown in Figure 4-l is the
asymptotic power spectral density Sq(fm) of the phase modula-
tion term cp(t> for an amplifier. For large offsets [3]

where

F = amplifier thermal noise factor 4.5

k = Boltzmann’s constant = 1.38~10-~~  J/K 4.6

T = temperature OK 4.7

t

-1

I
F l i c k e r  C o r n e r

I

1El 3E1 lE2 lE3 lE4 lE5 lE6
B a s e b a n d  Offset  F r e q u e n c y

Figure 4-1 Amplifier noise as a function of baseband
frequency.
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Ps = amplifier input power level 4.8

At 290°K,  kT = 4.00~10-~~. Expressed in decibel terms we have

Sq(f,) = -174(dBm)  + F(dB) -Ps(dBnj 4.9

4.3 Amplifier Flicker Noise

At lower frequencies, device flicker noise is significant. Unlike
flat thermal noise, flicker noise power decreases with increasing
offset frequencies with a slope of 10 dB per decade. The offset
frequency at which the noise including flicker is 3 dB higher than
the flat noise is the flicker corner frequency In-circuit flicker
corner frequencies for active devices typically range from a few
kilohertz to as high as several megahertz. Reference [2] suggests
a rule-of-thumb flicker value of -120 dBc/Hz  at l-Hz offset for
bipolar transistors. This relates to a flicker corner frequency of
10 kHz for a flat thermal noise floor of -160 dBm/Hz  or 262 kHz
for a flat thermal noise floor of -174 dBm/Hz.

Unfortunately, manufacturers seldom characterize RF and mi-
crowave devices for flicker noise. One exception is the Motorola
2N4957  family of bipolar transistors [4]. Figure 3 in that refer-
ence gives the noise figure of the 2N5829  biased at Vce  = 10 volts
and lC = 1 mA with a source resistance of 150 ohms versus
frequency The noise figure is flat at 2.3 dB from 100 kHz to 600
MHz. At frequencies below 100 kHz the noise figure rises. At
approximately 5 kHz the noise figure has risen 3 dB higher than
the floor value, suggesting a flicker corner of 5 kHz.

Flicker noise is device dependent and varies considerably among
bipolar, JFET, GaAs, and other devices. GaAsFET devices may
have very high flicker corner frequencies resulting in signifi-
cantly degraded phase-noise performance. The author has expe-
rienced flicker corner frequencies as high as 6 MHz in GaAsFET
devices. Much work needs to be done on understanding and
characterizing the flicker noise performance of active devices
used at RF and microwave frequencies.
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4.4 Oscillator Noise

An oscillator is formed by cascading the amplifier with a resona-
tor and closing the loop. In a benchmark letter 151, D. B. Leeson
summarized the phase noise characteristics of such an oscillator.
At baseband frequencies within the resonator half-bandwidth,
phase perturbations at the oscillator input due to noise or pa-
rameter variations result in a frequency shift at the output.
Therefore, the SSB phase noise has a slope of fm3 (30 dB/decade)
at offset frequencies below the flicker corner and a slope of fW2 at
offsets greater than the flicker corner and less than the resonator
half-bandwidth, f,/2&. Above the resonator half-bandwidth, the
SSB phase noise floor is flat. Noise in a buffer amplifier outside
the oscillator loop adds flat thermal noise. The buffer amplifier
adds flicker phase noise if the buffer flicker corner frequency is
greater than the resonator half-bandwidth. The asymptotic
phase noise versus offset frequency of the oscillator formed by the
cascade of a resonator and amplifier is given in Figure 4-2.

- 2 0  f

0
01
._ -100 --
2
”
z

.lz
L -140 --
m
1 Corner

f,:2q
-180

,1;;1 3E1 lE2 lE3 1 E4 lE5 lE6
Baseband Of f  set  Frequency

Figure 4-2 Oscillator SSB phase noise as a function of
baseband frequency.
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The expression for oscillator SSB phase noise (dBc/Hz)  from
Leeson,  with a term for flicker noise, is

L(&> may be measured directly with a spectrum analyzer whose
phase noise performance is better than the measured oscillator
at the desired offset frequency The measurement bandwidth is
usually greater than 1 Hz, such as 1 kHz, so the actual noise is
reduced from the measured noise by 10 loglo(

A photograph taken from a spectrum analyzer of the SSB phase
noise versus offset frequency for a broadband VCO tuned to 755
MHz is shown in Figure 4-3. Notice that the phase noise spec-
trum is symmetrical about the carrier frequency The appear-
ance, response and width of the spectrum near the center

Figure 4-3 Photograph of spectrum analyzer display of SSB
phase noise of a VCO tuned to 755 MHz.
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frequency (down to approximately 40 dB) is a result of the
selected 300-Hz analyzer IF resolution bandwidth. The SSB
phase noise accumulated in this bandwidth and then displayed
by the spectrum analyzer is 10 log10(300) or approximately 25 dB
higher than the normally specified dBc/Hz  value. In Figure 4-3
the span is 20 kHz, or 2 kHz per division. For measurements
taken with an analyzer with Gaussian IF filters and an envelope
detector, the noise is 2.5 dB worse than indicated [6]. Additional
video filtering with the analyzer averages the displayed noise
peaks and valleys. Therefore, the SSB phase noise performance
shown in Figure 4-3 at 6 kHz offset is approximately -62-25+2.5
dB or -84.5 dBc/Hz.

4.5 Oscillator Noise Nomograph

Given in Figure 4-4 is a nomograph for finding the SSB phase
noise of an oscillator. The far left scale is the oscillator signal
power level in dBm minus the cascade amplifier noise figure in
decibels. Given a circuit operating temperature of 290’ Kelvin,
these two factors establish the phase noise floor at offsets greater
than f0/2Q, so the floor is included on the left scale.

The second factor which establishes oscillator phase noise per-
formance is the carrier frequency, fo, divided by two times the
loaded Q. The frequency unit for f. on the nomograph is mega-
hertz. f. /2Q is the offset frequency at which the SSB phase noise
breaks from the noise floor and rises toward the carrier at a rate
of 20 dB/decade.  For high Q oscillators at low carrier frequencies
(such as quartz crystal oscillators) the break occurs at relatively
low offsets so the decreasing noise at increasing offset is observed
to level onto the floor at offsets below one megahertz. With
moderate and low Q microwave oscillators the break occurs above
one megahertz offset and the noise is seen to continuously de-
crease with increasing offset.

A straight line from the power minus the NF through fo/2Q
extends to the pivot bar on the nomograph. A straight line from
the pivot point through the desired offset frequency in kilohertz,
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Figure 4-4 SSB +-noise versus the power (dBm)  minus the NF
(dB),  the carrier frequency (MHZ over 2 times the loaded Q and
the baseband offset frequency, fm,(KHz).  The example is for a
power of +9 dBm and a NF of 5 dB, a carrier frequency of 900
MHz and a loaded Q of 10 (fo/2&=45),  and an offset of 100
KHz. The nomograph is valid for fc c fm < fo/2Q.
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fm, intersects the far right scale to find the SSB phase noise for
the oscillator at that offset.

The nomograph does not include flicker noise. Therefore the
estimation is only valid for offset frequencies greater than the
flicker corner,fc.  Offset frequencies of 1 KHz and lower are grayed
in Figure 4-4 as a caution because the flicker corner is seldom this
low. In fact it may be much higher. The estimated noise may be
corrected by adding 10 dB additional noise per decade less than
fc. The nomograph does not consider that the phase noise asymp-
totically approaches the noise floor. Therefore the estimation is
only valid iffm<fo/2Q.  At higher offsets the oscillator phase noise
approaches the floor value on the left scale.

4.6 Residual Phase and Frequency Modulation

If an unmodulated oscillator is detected with a sensitive phase
demodulator, the detector output voltage is the residual phase
modulation. It is sometimes referred to as incidental phase
modulation. The demodulated baseband output is normally lim-
ited to a specific range of frequencies, for example from 50 to 3000
Hz. These demodulated baseband frequencies are related to the
undetected carrier offset frequencies. The baseband frequencies
of interest are a function of the type of system involved. The
baseband frequencies of interest for voice communication sys-
tems are about 50 to 3000 Hz, for Doppler radar are 1 Hz to 10
MHz, for FM mobile are 10 to 100 kHz, for QPSK are subhertz  to
100 Hz, and for navigation systems are subhertz  to 10 Hz [2].
These offset frequencies limits are obviously just general guide-
lines.

The frequency-domain power spectral density of the phase noise
term, q(t), is Sq(fm).  If

r &p(fm)<l  rad2 4.11
fa

the square of the residual rms phase modulation is
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A(p2 = 2 /
fb

LCf,)dfmrms 4.12

’ fa
If an unmodulated oscillator is detected with a sensitive fre-
quency demodulator, the detector output voltage is the residual
frequency modulation. It is sometimes referred to as incidental
frequency modulation. Again, subject to the limitation that the
total value of the integrated phase noise is < 1 rad2,  the square
of the residual rms frequency modulation is

Af2 = 2 /
fb

f:L(fm)  dfmms 4.13

fa

The SSB phase noise versus offset frequency uniquely defines the
residual phase and frequency modulation. Unless the slope of the
SSB phase noise is known, the SSB phase noise is not uniquely
defined by the residual phase or frequency modulation. There-
fore, SSB phase noise is a more complete characterization of
phase noise performance. For this reason, and because it is
readily observed and measured with a spectrum analyzer, SSB
phase noise is commonly used to characterize phase noise per-
formance. The residual phase or frequency modulation of a
system is of interest because it relates directly to the ultimate
postdetection SIN ratio in PM and FM systems.

In an FM system with a high predetection C/N ratio, the ultimate
postdetection S lN ratio, ignoring improvement by emphasis and
deemphasis, is directly related to the square of the ratio of the
signal rms frequency deviation to the residual rms frequency
modulation. That is,

r$= lOlog(
rms deviation21

L M2 1
4.14
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4.7 Varactor Modulation Phase Noise

Oscillators are often electronically tuned using a voltage- or
current-dependent reactive element such as a varactor in the
resonator. Any internal or external noise voltages impressed on
this element tunes the resonator frequency, effectively FM modu-
lating the oscillator. We refer to this as varactor modulation noise.
In the author’s experience, the effective noise resistance, Renr, of
silicon hyperabrupt varactors ranges from 1 to 10 K ohms. Renr
is seldom if ever specified and is therefore determined empirically
The thermal noise in this resistance modulates the varactor
capacitance, adding phase noise. The equivalent noise voltage
modulating the varactor is given by Nyquist’s equation

Vn = E volts /root hertz 4.15

This expression for the equivalent noise voltage assumes that no
external resistance is noise modulating the varactor. If the var-
actor is driven from a source with a high source resistance,
thermal noise in the source resistance may be greater than the
internal varactor resistance. Because noise from these two resis-
tances is uncorrelated, the total noise voltage is the square root
of the sum of the squared voltages.

The peak phase deviation in 1 Hz bandwidth which results from
the varactor noise resistance is

4.16

where Ku is the VCO gain constant in hertz/volt. The resulting
SSB phase noise (dBc/Hz)  is

L(fm) = 20 log %

The total SSB phase noise of a varactor-controlled oscillator is the
power sum of this varactor modulation phase noise and the
oscillator phase noise discussed previously

Varactor modulation noise is most significant in broadband high-
frequency VCOs because the VCO gain constant is large. For
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example, if a varactor tunes an oscillator 1000 MHz with a 10 volt
control voltage change, the VCO gain constant is 100 MHz/volt.
Even a small noise voltage produces a large frequency modula-
tion. Varactor modulation noise may be reduced by using a
frequency tuning range no larger than necessary, using a varactor
with a larger required voltage change for a given capacitor ratio,
or by switching ranges so that the tuning range for each switch
position is less.

A chart for quick reference showing the SSB phase noise contri-
bution from varactor modulation is given in Figure 4-5. The SSB
phase noise is given for an effective noise resistance of 3300 ohms
and VCO gain constants of 1000 to 0.001 MHz/volt.

Varactor modulation noise is a different phenomenon than
oscillator loaded Q reduction because ofvaractor Q. It is true that
varactor unloaded Q often reduces the oscillator loaded Q and
therefore reduces phase noise performance. However, in broad-
band high frequency oscillators where varactor noise modulation
is prevalent, a higher-Q varactor may increase phase noise if it
has a higher effective noise resistance.

Broad tuning per se is not a limiting factor of phase noise
performance. By using a mechanically tuned capacitor or cavity,
varactor modulation noise is avoided, the resonator may be tuned
over a broad range, and the loaded Q may be very high.

4.8 Buffer Amplifiers

Leeson’s  oscillator phase noise equation indicates that phase
noise performance improves with higher-power operation. For
the sake of simplicity and performance, a medium-power
oscillator followed by a passive pad for load isolation is suitable
for many applications. This approach uses fewer active devices,
is easier to tune, and may give better phase noise performance
than that of a low level oscillator followed by a buffer amplifier.
The use of a buffer amplifier is unavoidable in certain applica-
tions. Crystal oscillators are operated at a low power level for best
aging characteristics. Oscillators with varactor tuning elements
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Figure 4-5 Varactor modulation contribution to oscillator
SSB phase noise. Curves are for a nominal varactor effective
noise resistance of 3300 ohms with VCO gain constants of 1000
to 0.001 MHz/  volt.
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may require low operating levels to avoid large voltages across
the varactor.

A buffer amplifier degrades phase noise performance if its ther-
mal noise, referenced to the input, exceeds the oscillator output
phase noise at a given offset frequency This condition is most
likely at large offset frequencies and low oscillator power level.
The buffer amplifier thermal noise floor referenced to the input
in 1 Hz of bandwidth (watts/hertz) is

Ni=FkT 4.18

An asymptotic phase noise response for a typical oscillator/buffer
cascade is given in Figure 4-6.

Osci 1 lator
with Buffer

Corner ‘\ -------.

f,)ZQ
- 1 8 0  , I

1E1 3E1 1E2 1E3 1E4 1E5 1E6
Baseband Off set Frequency

Figure 4-6 Oscillator SSB phase noise after a buffer amplifier
(lower trace) and frequency multiplication (upper trace).



124 Oscillator Design and Computer Simulation

4.9 Frequency Multiplication

Frequency multiplication of the output of an oscillator with
non-linear resistive (diode) or reactive (varactor) devices results
in increased SSB phase noise at the higher output frequency

L(fm)Nfo = N2Uj%fo  + A 4.19

where

N = multiplication factor 4.20

A = additive term 4.21

For well-behaved multipliers, the additive factor, A, is between 0
and 3 dB. The additive factor for nonlinear resistance multipliers
such as diode ring doublers is very low and can generally be
ignored. The additive factor for varactor and step-recovery diode
multipliers is larger and is frequently dependent on the power
level.

Because the SSB phase noise performance of the fundamental
oscillator increases as the square of the carrier frequency and the
phase noise increases as the square of the frequency multiplica-
tion factor, it is tempting to assume that there is no difference in
the phase noise performance of a multiplied low-frequency
oscillator and a direct high-frequency oscillator. However, the
direct high-frequency oscillator ultimate phase noise at large
offset frequencies reaches the FkTIP,  limit, whereas the floor of
the multiplied low-frequency oscillator rises by N2. The SSB
phase noise after frequency multiplication by 10 is shown in
Figure 4-6.

4.10 Discrete Sidebands

The oscillator output frequency spectrum considered thus far is
continuous. A typical output spectrum also includes discrete
components at specific offset frequencies. Often present are
harmonics of the 60 Hz power-line frequency An oscillator can
be modulated at 60 Hz by ripple on the dc supply lines or by
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magnetic fields, frequently from transformers. Inductors with
cylindrical magnetic cores, whether used in the resonator or for
bypassing, are susceptible to magnetic fields.

The VCO control voltage in PLL applications has ripple compo-
nents at the fundamental and harmonics of the phase detector
reference frequency These components modulate the VCO and
create discrete sidebands at harmonics of the reference frequency
Narrow-loop bandwidths tend to filter out the reference fre-
quency sidebands, while wide-loop bandwidths result in greater
sideband levels.

4.11 Power Supply Noise

Noise on the dc supply voltages to an oscillator can AM and FM
modulate the output. The effects of power supply noise are
reduced by designing the oscillator so that the operation fre-
quency is relatively insensitive to the supply voltage. This can
easily be tested by adjusting the dc supply voltages and observing
changes in the operating frequency Further improvement can be
realized by isolating the oscillator from power supply noise using
voltage regulators.

A common component in electronic circuits and systems is the
bipolar monolithic voltage regulator. These devices are available
in a variety of forms from several manufacturers. They are simple
to use, small, and inexpensive. Unfortunately, many have unpre-
dictable and erratic noise performance. A significant broadband
noise component superimposed on the dc output voltage may
erratically appear and disappear over a time span of minutes. A
good oscillator design tends to suppress this noise, but a random
and unpredictable drift or jump of a few or several decibels in the
SSB phase noise of the oscillator may be observed. The author
avoids their use in oscillator design. At least a device with
specified output noise performance should be selected. Zener
diodes are also noisy but are generally less erratic. With addi-
tional R-C filtering, they are a better selection than inexpensive
monolithic voltage regulators.
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Because the average current drain of a typical oscillator is fairly
small, simple series resistance and shunt capacitance filtering of
the dc supply is often adequate. The small current drain allows
a fairly large resistance, which therefore provides good filtering
of supply noise, particularly at frequencies above 60 Hz. The
supply to a buffer amplifier requires less filtering and can be
through a separate line.

For critical applications, where R-C filtering is inadequate, a
simple discrete transistor regulator serves well. Many of the
performance requirements of monolithic voltage regulators, such
as low differential voltage, accurate voltage value and low-tem-
perature drift are unnecessary and a single transistor regulator
usually suffices.

4.12 Low-Noise Design Suggestions

Let us summarize some of the techniques involved in low-noise
oscillator design. First of all, it is necessary to determine if phase
noise performance is limited primarily by varactor modulation or
by oscillator noise. If the oscillator is to be varactor tuned,
Leeson’s  equation and the varactor modulation equation are
evaluated to determine which noise contribution is more signifi-
cant. The nomographs in Figures 4-4 and 4-5 are helpful in
making this determination. The conclusion may be verified by
measuring the phase noise performance with the varactor and
with the varactor replaced with a fixed or mechanically tuned
capacitor.

If the phase noise performance is limited primarily by varactor
modulation, the following steps are taken:

(a) Reduce the tuning range for a given varactor voltage
change. If the tuning range exceeds the necessary value,
it may be reduced by series or parallel capacitance with
the varactor, or a varactor with a smaller tuning ratio.

(b) Range switch the oscillator. Breaking the tuning range
into smaller ranges reduces the VCO gain constant.
Switching may be mechanical or PIN diode.
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(c) Select a different varactor. The internal noise voltage
varies between varactor types, When the phase noise is
varactor modulation limited, varactor Q is not the crite-
rion. Empirical testing is required for varactor selection.

Some workers suggest using two varactors; one for coarse tuning
whose voltage is switched, and one for fine tuning. However, even
with a clean applied voltage, varactor resistance noise modulates
the coarse tuning varactor. Range switching with fixed reactors
must be used, such as PIN switching of capacitors or inductors.
Dual-range varactors accomplish nothing.

If the phase noise performance is limited by Leeson’s  equation,
these steps may be taken:

(a) Increase the loaded Q of the oscillator. The importance
of this cannot be over emphasized. Oscillator designs with
loaded Qs of only 2 or 3 are common even when component
unloaded Qs are high. When phase noise or long-term
stability is important, the loaded Q of an oscillator design
should be 50 to 70% of the component unloaded Q [7].

(b) Utilize components with higher unloaded Qs. Higher
unloaded Qs allow designs with higher loaded Q. Cavities,
SAWS, DSOs, and crystals have high unloaded Qs.

(c) Run the oscillator at higher power levels. This im-
proves phase noise at all offset frequencies.

(d) Select a device with a low flicker corner frequency and
use a circuit design which minimizes flicker noise. An
unbypassed emitter resistance of 10 to 30 ohms may
reduce flicker noise by as much as 40 dB 181.

(e) Select a device and a circuit topology with a low noise
figure. The cascade amplifier is designed using the same
techniques employed for low-noise amplifiers. The source
impedance presented to the transistor should be optimum
and the emitter should be directly grounded (this of course
contrasts with the flicker design goal above).
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(f) Absorb excess loop gain via AGC or well-behaved limit-
ing such as encountered in differential amplifiers instead
of via saturation. Heavy saturation can dampen resonator
Q, increase noise due to AM-to-PM conversion, and up-con-
vert noise at baseband frequencies to noise sidebands on
the carrier frequency

Authors sometimes state a preference for a JFET, or a particular
bipolar configuration, because the high impedance obtained loads
the resonator less and affords a higher Q. These concepts are
based on a restricted viewpoint. Via inductive taps or coupling
elements, resonator loaded Q is independent of source and load
impedances. Otherwise, how could narrow filters (high loaded Q)
be constructed for 50 transmission systems?

Similarly, claims are sometimes made that oscillators constructed
from transmission line resonators have lower noise. Certainly
TEM, TE and TM mode cavity oscillators can achieve high un-
loaded Qs, but this is due to larger resonator size. The unloaded
Q of both L-C and transmission line resonators increase with
increased physical size. The maximum size of inductors is re-
stricted due to increased winding capacitance which lowers the
maximum practical operating frequency Transmission line
structures can be constructed physically larger and therefore
with higher unloaded Q before parasitic modeing is significant.
However, for a given size, transmission line structures have no
unloaded Q advantage over L-C structures. For example, through
several hundred megahertz, resonators constructed using
semirigid 0.141-inch-OD Teflon coax have lower Q than those of
equivalent- sized L-C resonators.

The maximum expected unloaded Qs for several resonator forms
[9,10]  at 100,300,1000,  and 3000 MHz are given in Table 4-l.

4.13 Typical Oscillator Noise Performance

The SSB phase noise versus offset frequency for several different
types of oscillators is given in Figure 4-7. Curve 1 is calculated
data for a 100 MHz L-C resonator, MRF901  transistor oscillator.
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Table 41 Best Unloaded Qs of Typical Transmission Lines

CONSTRUCTION
0.5-in.-OD 50 R, air coax
0.141 -in-OD 50 R, PTFE
0.062-in-thick  50-Q microstrip,

PTFE glass microfiber
0.025-in.-thick  50-Q microstrip,

alumina
0.30-in.-OD  coil, 260 nH,

L/D=2, 10 turns
0.07-in.-OD coil, 13 nH,

L/D=2, 5 turns

100

480
120
130

20

350

Frequency (MHz)
300 1000
Unloaded Qs
840 1500
200 360
200 330

40 70

3000

2600
600
440

120

80 140 260
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Figure 4-7 SSB phase noise of five different oscillator types.
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A loaded Q of 15, a power level of 8 dBm, and a flicker corner of
10 kHz are assumed. A varactor provides a 10 MHz tuning
bandwidth. Noise is predominatelyvaractor modulation noise for
offset frequencies above 50 kHz. The ultimate noise floor is
reached at offsets greater than 1 MHz.

Curve 2 is measured data for a 600 to 900 MHz VCO running at
750 MHz and phase locked to a crystal reference. The VCO type
is the negative resistance UHF VCO studied in Chapter 9. This
unit uses a 2N5109  and provides approximately 10 dBm tapped
from the resonating transmission line. The phase noise above 3
kHz is predominately varactor modulation noise. Below 3 kHz,
the phase-locked loop improves the phase noise. The phase noise
below 3 kHz in this case is phase detector noise, at the reference
frequency, multiplied up to 750 MHz. The flat (or nearly flat) SSB
phase noise below the loop bandwidth is typical of phase-locked
oscillators.

Curve 3 is the calculated SSB phase noise of a 5.5 MHz fixed or
mechanically tuned L-C Clapp oscillator using a 2N4416  JFET
transistor. A loaded Q of 35 and a flicker corner frequency of 10
kHz are assumed. The ultimate SSB phase noise is approxi-
mately -170 dBm and is reached by 100 kHz. The lower phase
noise of the 5.5 MHz oscillator as compared to the 100 MHz
oscillator illustrates the advantages of a higher Q and lower
operating frequency

Curves 4 and 5 are measured data for a high-performance Driscoll
oscillator type, discussed in Chapter 11. Curve 4 is for an
oscillator using a 4 MHz ceramic resonator with a series resis-
tance of 5.4 ohms and an unloaded Q of 1560. Curve 5 is for an
oscillator using a fundamental-mode 4 MHz quartz crystal reso-
nator with a series resistance of 22 ohms and an unloaded Q of
154,000. The input transistor is biased at Vce = 9 volts and Ic =
15 mA. The output transistor is biased at 1.5 mA.

The relatively low value of series resistance for these resonators
does not take full advantage of the Driscoll oscillator. However,
this crystal oscillator, with an inexpensive quartz resonator, illus-



Noise 131

trates the marvelous noise performance available in crystal oscil-
lators.
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Biasing

A complete and rigorous description of biasing techniques, includ-
ing all temperature and leakage effects, for bipolar, JFET, dual-
gate FE?: and hybrid devices, is beyond the scope of this chapter:
Except in rare applications, such as calibrated output-level oscil-
lators, the bias schemes given here provide a more than adequate
degree of bias point definition and stability. An active bipolar bias
network is given as the final bias example. Resorting to even this
modest level of bias network complexity is seldom required.

5.1 Bipolar Transistor Biasing

The bipolar junction transistor is biased in the active region with
the base-emitter junction forward biased and the base-collector
junction reverse biased. The base-emitter voltage is approxi-
mately 0.6 volt but increases with a decrease in temperature and
with increasing current.

The required base current is the collector current divided by p. p
increases with an increase in temperature. p is typically 30 to 80
for RF and microwave transistors at room temperature. Greater
variation in p, even for devices of the same type, is frequently
encountered. p is also a function of collector current. It has a
broad maximum at a current that is optimum for highest gain. p
drops off at lower current. Operation at currents less than the
maximum gain current is often used to reduce transistor noise.
p drops off more quickly above the maximum gain current. Device
data sheets normally specify expected p for various operating
conditions.
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Saturation occurs when the base drive exceeds the current nec-
essary to pull the collector voltage down to the saturation voltage,
generally about 0.3 volt. The saturation voltage increases with
an increase in collector current. Cutoff occurs when the base-
emitter junction is reverse biased. When this occurs, the collector
voltage rises to the supply voltage.

Important parameters for bipolar transistor selection are the
upper frequency range, noise performance, the intended operat-
ing power range, p, and the maximum current, voltage, and
dissipation ratings. Although these parameters vary from device
to device, manufacturing and selection techniques now provide
reasonably consistent devices. The bias network must provide
the necessary stabilization of the quiescent bias point with tem-
perature and device-to-device variations.

Several different bipolar bias networks are outlined next. All bias
networks except one require a single supply The NPN configu-
ration is assumed, but if PNP transistors are used, the supply
polarity may be reversed.

Several biasing schemes are given because bipolar CE, CC, or CB
configurations are simpler if the appropriate biasing scheme is
selected. At low frequencies this may reduce part count. At RF
and microwave frequencies, where the parasitics  of certain com-
ponents such as the emitter resistor are significant, bias scheme
selection may be critical to circuit performance.

5.2 Simple Feedback Biasing

The schematic of this configuration is given in Figure 5-l. The
base bias current for this circuit is derived from the collector
voltage minus the base voltage [1]. An increase in transistor p
which increases the collector current also reduces the collector
voltage, therefore decreasing base bias current. This self-regu-
lating action guarantees that the quiescent bias point is in the
active region. For p>l and Vbe = 0.6 volt (silicon)
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5.3 One-Battery Biasing

The simple feedback bias network guarantees that biasing is in
the active region. However, the bias point is a strong function of
p. The bias point is more stable with the more complex one-bat-
tery bias [3] network shown in Figure 5-2. The equations below
are used to establish the desired Ic and V,,. For p>l, & - le. For
best stability, because Vbe is a function of temperature, V, >V&.
Ve is normally 10% to 20% of Vcc.

&+
C

5.4

Rc=
vcc - VW - ve 5.5

Ic

Vb = Ve + Vbe = Ve + 0.6

Selecting 1~2 = 1OIb = lOI&, we have

5.6

Figure 5-2

_ _

One-battery biasing.

5.7
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5.8

The Re that results is generally greater than is desired for RF
feedback use. R, is therefore often bypassed with a capacitor. If
a smaller effective RF value of R, is desired, R, is bypassed with
a capacitor in’ series with the desired resistance.

5.4 CC Negative Supply Biasing

The bias network shown in Figure 5-3 is an excellent choice when
a common-collector configuration is required. It uses a negative
supply for an NPN bipolar transistor. The collector is directly
grounded, which is convenient for high-power applications. In
the expressions below, voltages and currents are represented by
their absolute values.

5.9

5.10

The base voltage is less negative than V, by 0.6 volt for silicon.

Figure 5-3 Negative supply common-collector biasing.
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Vb = Ve - 0.6

IfIR = 101& then

5.11

R2Jg
e

and

R1 = Wee-Vb>

1lIe

5.12

5.13

5.5 Dual Supply Biasing

This bias scheme, shown in Figure 5-4, uses only two resistors
and is very stable. It is an excellent choice for grounded base
configurations when both supply polarities are available. The
base is grounded directly or through a small resistance. Assum-
ing that le - Ic,

Vc = Vce - 0.6 5.14

Figure 5-4 Dual-supply biasing.
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R

e
= Vee - 0.6

Ie
5.15

5.16

Except for high-power applications, Re tends to be large, which is
consistent with typical common-base oscillator requirements.
For high-power applications, a choke is placed in series with Re.
Similarly, if a higher collector load resistance is required, a choke
is placed in series with the collector resistance.

5.6 JFET Biasing

Junction field-effect transistor [4] device-to-device parameter
variation is generally greater than for bipolar junction transis-
tors. Some very simple JFET bias schemes exist which are
suitable for many applications. With these schemes, active bias
is guaranteed, but the device operating bias point may vary over
a wide range from device to device. The supply polarities given
are for n-channel JFETs.  The supply polarity for p-channel
devices is reversed. The following two bias networks for JFETs
are depicted as common-source configurations.

5.7 Grounded Source

One simple scheme is to dc ground the gate and source. The drain
current that flows is Idss and is somewhat independent of the
drain-source voltage, when Vds is greater than VP, the pinch-off
voltage. VP is generally a few volts. Idss in a typical RF JFET
varies over an order of magnitude range from device to device.
Device selection allows tighter specification of&&. I& decreases
with increasing temperature. This simple bias scheme is shown
in Figure 5-5.

Id = Idss 5.17

Vd = V& = V& - I&d 5.18
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CI +“dd

lr-63 "d

Figure 5-5 Grounded source biasing.

Since the gate current is nearly zero, the gate may be dc grounded
through a large resistance to retain a high input impedance.

5.8 Self-Bias

The self-bias scheme shown in Figure 5-6 develops a negative
gate-source voltage equal to the voltage dropped in the source
resistor, Rs. Increasing source current develops greater negative
gate-source bias which inhibits the increasing source current.
This scheme therefore provides a degree of bias stabilization. The
resulting drain current, Id, is less than Idss.

A desired V,, is selected by examining the transfer characteristic
curve, Id versus Vgs, or the output characteristic curves, Id versus
Vgs, published or measured for the device. A formula relating Id
to Idss, and V,, and VP is [ 5 ]

Id = Idss

Then

5.19

&A
Ye

5.20
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Y +“dd

Figure 5-6 JFET self-biasing.

Rd=
Vdd - Vds - Vs

Id
5.21

Rs may be bypassed with a capacitor to increase the ac circuit
gain. If necessary, an RF choke may be placed in series with Rd
to increase the bias impedance loading the drain. Since the gate
current is nearly zero, Rg may be large to retain a high input
impedance, or an RF choke may be used.

5.9 Dual-gate FET

A typical bias network for a dual-gate FET is shown in Figure
5-7. The biasing strategy is similar to the self-bias JFET scheme
except that two gates are biased and the self-bias developed in
the source is supplemented with fixed applied bias to the gates.
The design begins by selecting the desired gate l-to-source volt-
age, Vgls, and the desired gate 2-to-source voltage, V~L?~.  Vgls and
Vgzs are specified with the published RF parameter data for the
device [6]. If Vgl =Vg2,  then R.2 is replaced with a choke. If VII
is negative with respect to V,z, then V,l and V,2 terminals are
reversed for bias component connections.
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Y +“dd

Rd

Figure 5-7 Dual-gate FET biasing.

VdS and Id are also selected based on the values used when
measuring the published RF data. The following equations as-
sume that Rs is 4 times Rd. This results in a large degree of bias
stabilization. A typical value of R3 is 33,000 ohms.

& = 0.2(Vdd - V&I
Id

5.22

&.=md 5.23

v, = R& 5.24

vg1= Vgls + K 5.25

vg2 = 5726 K 5.26

R2=--‘id3 R3

v,l
5.27

R JG83 vg2R3
1 - -

% v,l
5.28
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5.10 Active Bipolar Biasing

When a high level of bias stability is required, the bias network
in Figure 5-8 may be used [7].  This network provides a high
degree of bias stability even though the emitter is directly
grounded. Direct grounding is an advantage for UHF and micro-
wave applications.

Notice that Qi is a PNP transistor for a positive power supply
The voltage drop across Ra is selected to be several times Vbe,  0.6
volt, so temperature variation of Vbe has minimal effect. V&
must be greater than V c  + 0.6 volt. Then

v, = v,, - VRa - 0.6 5.29

VRa
R”=I

c

Assuming that the p of Q2 > 10, we select RI = 10Ra; then

In
-

5.30

Figure 5-8 Active bipolar biasing.
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R:! = v”‘_“;
CC r

R /+0.6-V,
c

L

Finally, Rb should be as large as possible, but

Rg < fi(V, - 0.61
L

5.31

5.32

5.33

This condition must be met for the lowest p encountered with &I.

Extreme care must be used with bypass capacitor selection to
ensure that the signal path loop formed by the oscillator and bias
devices do not form a spurious low-frequency oscillator. The base
of Qz should not be bypassed: otherwise, Q2 may oscillate.

5.11 Hybrid Biasing

Commercially available hybrid and MMIC amplifiers generally
have much of the biasing circuitry built in. Bias network design
consists of selecting the appropriate output supply resistor and
including a choke if the resistance is sufficiently low to load the
output. Input and output coupling capacitors are often required
to avoid shorting the internal bias voltages. The best practice is
to consult the device data sheet for biasing requirements. When
Vd and Id are specified, then

R

d
= vcc - vd

Id
5.34

where Vcc is the supply voltage. The dissipation in Rd is

2
PRd =Id Rd 5.35

If Rd is less than a few hundred ohms, an RF choke may be placed
in series with & to reduce output loading.
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Computer Techniques

Historically, the analysis of oscillator circuits involved the selec-
tion of a particular topology and then finding symbolic equations
for that topology. Once the symbolic equations were found, evalu-
ating which circuit element values satisfied the oscillation criteria
required little computational effort. Abundant technical litera-
ture exists with symbolic equations for various oscillator struc-
tures. This technique was appropriate in a day when numeric
tools were the slide rule and paper and pencil. Unfortunately, each
time the engineer wishes to investigate a new oscillator topology
the symbolic equations must be found. The symbolic approach is
efficient for designing oscillators of one type but oppresses explo-
ration of alternative and therefore perhaps more optimum struc-
tures.

The advent of economic numeric power in digital desktop comput-
ers offers another approach. This approach liberates the engineer
by allowing rapid exploration of alternative designs and critical
evaluation of new ideas before committed to hardware. The
primary tool for this approach is the general purpose circuit
simulator which frees the engineer from all numeric process
tedium and which requires only a description of the proposed
design to the simulator. This description may be modified as
easily as editing a short file or editing a schematic. Element
values are tuned or even optimized while the user observes circuit
responses on the computer display in real-time.

This simulation approach is essentially topology independent and
the procedure is identical regardless of the specific resonator
technology or the type of active device used. Therefor  the ap-
proach is equally applicable for quartz-crystal oscillators using
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bipolar transistors or transmission-line oscillators using a GaAs-
FET transistor. Two fundamentally different analysis criteria
are used for all oscillator types as introduced in Chapter 2.
Open-loop gain/phase Bode response analysis is used primarily
for high-stability oscillators. Negative-resistance analysis is
used for broad bandwidth VCOs. The use of computers for both
analysis criteria are introduced and illustrated in this chapter.
Additional oscillator case studies are then considered using these
techniques in the following chapters.

6.1 Oscillator Simulation

We will use three different computer programs. The first is a
high-speed real-time frequency-domain linear circuit simulator,
=SuperStar= Professional, from Eagleware Corporation [ 1]. This
simulator uses a number of unique techniques and algorithms
such as node elimination, element classes and output classes to
achieve extreme execution speed [2]. Other popular linear simu-
lators may be used to perform the analysis described in the
remainder of this book except execution is much slower.

Ideally the oscillator is designed, a prototype is constructed which
confirms all specifications are achieved, and production is begun.
In practice this rarely happens at RF frequencies. Necessary
design simplifications, component tolerance and parasitics,  dissi-
pation, distributed element discontinuities, package modes, ra-
diation and measurement error all result in discrepancies
between the desired and measured responses. Prior to the advent
of digital computer simulation, the prototype was tweaked and
rebuilt until the desired performance was achieved. Computer
simulation with a program such as =SuperStar=  Professional
allows quick design verification. Many perturbing effects may be
corrected before the prototype is constructed, saving substantial
time and cost.
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6.2 Simple Resonator Example

Consider the simple shunt-C coupled series resonator shown in
Figure 6-l. The shunt-coupling capacitors are 47 pF and the
series-resonator capacitor is 2 pF. An unloaded Q of 1000 is used
for all capacitors. The resonator inductor is 1340 nH with an
unloaded Q of 120. This resonator circuit is described to the
=SuperStar= Professional simulator by simply drawing a sche-
matic using the Eagleware program =SCHEMAX= [1], which
was also used to generate Figure 6-1. Alternatively the circuit
may be described by using the text editor built into =SuperStar=
Professional to enter the text net list shown in Table 6-l. The
CIRCUIT block in the net list is used to specify element models,
provide element values and connect elements between user se-
lected node numbers. In this example the ground node is zero,
the input is node 1 and the output is node 3. The line

IND 12 L=?1340 Q=?120

specifies a 1340 nH inductor with an unloaded Q of 120, and is
connected between nodes 1 and 2. The “?” in front of certain
element values indicates these values are available for tuning or
optimization. The DEF2P statement in the CIRCUIT block de-
fines a two-port for display with 1 as the input node and 3 as the
output node. In this case we have given the two-port the name
RESONATE.

The WINDOW block specifies the two-port which is to be dis-
played, how that two-port is terminated and what response data

-

Figure 6-l Simple circuit example of a shunt-C coupled series
resonator.
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Table 6-l =SuperStar= circuit file for the simple shunt-C
coupled resonator

CIRCUIT
CAP 1 0 C=?47 Q=?1OOO
IND 1 2 L=?1340 Q=?120
CAP 2 3 C=?2  Q=?l 000
CAP 3 0 C=?47 Q=? 1000
DEF2P 1 3 RESONATE
WINDOW
RESONATE(50,50)
GPH S21 -20 0
GPH P21 -225 225
SMH S11
FREQ
SWP90 110 101
MARKER 95 100 105 11095 100 105 110

to display The first line after the WINDOW block title specifies
this Window should display the responses of circuit RESONATE
terminated at the input and output in 50 ohms. GPH specifies a
rectangular grid with a linear frequency scale. SMH specifies a
Smith chart grid. S21 on the GPH line requests a plot of the
S-parameter forward transmission coefficient magnitude on the
rectangular grid with a decibel vertical scale. The numbers -20
and zero specify the vertical axis scale minimum is -20 dB and
the maximum value is zero dB. P21 requests a plot of the phase
of the forward S-parameter from -225 to 225 degrees (45 degrees
per division). Sll on the SMH line requests a plot of the input
S-parameter reflection coefficient on the Smith chart grid. If the
resonator circuit is described by drawing a schematic in
=SCHEMAX= this same WINDOW block is entered in a text
section of the =SCHEMAX= program. The FREQ section of the
WINDOW block specifies the type of frequency sweep, the sweep
range and the number analysis frequencies. SWP 90 110 101
specifies a sweep from 90 to 110 MHz with 101 points which is
every 200 KHz. The MARKER section of the WINDOW block
specifies the initial frequencies for markers on the responses. If
the resonator circuit is described by drawing a schematic in
=SCHEMAX= this same WINDOW block is entered in a text



Computer Techniques 151

section of the =SCHEMAX= program. Appendix A summarizes
=SuperStar= codes for models and commands used in oscillator
circuit files listed in the remainder of this book.

When the user exits the test or schematic editor, =SuperStar=
Professional translates this description and then computes and
displays the requested responses as shown in Figure 6-2. The
solid traces are responses with the initial element values. The
dashed responses are with tuned or optimized elements values as
displayed on a row near the bottom of the screen. These element
values are tuned by simply tapping on the up and down arrow
keys. The left and right arrow keys select the value to tune.
Alternatively an element value may be selected and a specific
value typed from the keyboard.

90 100 110
527 - P21 - Sll-
,Z67723 %0755 110 95 100 105 110

'40.6364
-111.315 EO879 ;%;23$175.67 $632651 21.7403 ;p.541713 ;.129413

0. L. P. c. Q. c. (1.

Figure 6-2 Computed responses of the simple shunt-C coupled
resonator with finite Q components (solid) and infinite Q
components (dashed).
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Markers provide digital read-out of the specified output parame-
ters near the bottom of the screen. The markers track with the
dashed responses and the digital values update as element values
are tuned. The markers are tuned to desired frequencies by
clicking on the desired marker frequency read-out and tapping
the up and down arrow keys. As the arrow keys are tapped the
selected marker frequency steps through each frequency sweep
point specified in the FREQ block.

The dashed responses in Figure 6-2 are with the unloaded Q of
all elements tuned very high, 1 million. Marker number 3 at 100
MHz is near the resonant frequency where the resonant fre-
quency is defined as maximum transmission or minimum reflec-
tion. Notice with high unloaded Q the insertion loss is nearly zero
and the input impedance is near the center of the Smith chart
and is thus 50 + j0. How can a purely reactive resonator have a
purely resistive input impedance? Basically, resonator inductive
and capacitance reactance cancel and the load termination resis-
tance is presented to the input. A simple calculation reveals that
the resonant frequency of the 1340 nH inductor and 2 pF series
capacitor is 97.2 MHz. Since resonance is near 100 MHz it is clear
the coupling capacitors effect the resonant frequency

The transmission phase shift at resonance is approximately
-11 lo. As the shunt coupling capacitors are reduced the resonator
loaded Q is reduced, the insertion loss is reduced for a given
component unloaded Q and the phase shift approaches zero-de-
grees. Minimum loaded Q occurs with the coupling capacitors
removed and is equal to the series inductive or capacitive reac-
tance divided by the sum of the termination resistance. As the
coupling capacitor values are increased the resonator loaded Q
increases, the insertion loss increases and the transmission phase
shift approaches -180’.

Notice from the solid traces, that with finite element unloaded Q,
the input impedance is not 50 ohms at the resonant frequency It
is not purely resistive at any frequency but the resistive compo-
nent of the impedance is always less than 50 ohms. Finite
inductor Q may be modeled as series resistance. With resistance
in series with the inductor, it is reasonable to expect the input
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resistance might increase. In fact, transformation properties of
this resonator circuit result in a decrease in the input resistance
with finite unloaded Q. Simulators allow us to tune element
values for this and other resonators to obtain immediate visual
feedback of circuit behavior. This simple circuit is unintuitive,
imagine the importance of simulation for more complex circuits.

6.3 Oscillator Synthesis

The second program we will use is =OSCILLATOR=  El] which has
two functions; to assist with creating an initial oscillator circuit
and to estimate the oscillator phase noise performance.
=OSCILLATOR= creates 16 different L-C, transmission line,
SAW and quartz crystal oscillators. These oscillators are outlined
in Appendix B. Once an oscillator type is selected,
=OSCILLATOR= finds RF and bias element values, displays a
schematic of the proposed oscillator and write a =SuperStar=  text
or =SCHEMAX= file. Then, =SuperStar= is used to display
oscillator responses and tune or optimize element values. At this
point the user may change not only the element values but also
the topology if desired.

6.3.1 Synthesis Example

Given in Figure 6-3 is the main =OSCILLATOR= screen for one
of the 16 types, a shunt-C coupled resonator with an MMIC
amplifier. The desired maximum and minimum operating fre-
quencies are entered at the upper left. The desired operating
voltage and current for the active device and the supply voltage
are entered at the lower left.

The device is characterized by S-parameter data stored in a
standard ASCII file. The name of the file with the S-parameter
data is also entered at the lower left. The selected device is a
Mini-Circuits MAR3 biased at 5 volts and 35 mA. S-parameter
data provided by the manufacturer is given in Table 6-2. The line
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Figure 6-3 =OSCILLATOR= program screen for a 100 MHz
shunt-C coupled resonator oscillator using a Mini-Circuits
MMIC amplifier.

Table 6-2 S-parameter data file format. This data is for a
Mini-Circuits MAR3 MMIC amplifier

# M H Z
!
!FREQ
100
500
1000
1500
2000
2500
3000
3500
4000

Sll s21 s12 s22
MAG ANG MAG ANG MAG ANG MAG ANG
.07 172 4.47 174 .12 1 .15 -11
.06 156 4.37 152 .12 5 .16 -45
.05 146 4.22 128 .13 10 .18 -88
.04 172 3.89 103 .14 12 .21 -120
.06 173 3.35 83 .18 11 .25 -142
.17 175 3.27 59 .19 5 .26 -173
.24 157 2.85 38 .20 0 .25 168
.32 140 2.45 21 .21 -6 .25 152
.39 124 2.11 3 .22 -14 .25 138
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# MHZ specifies megahertz as the units of the frequency in the
first column. The lines beginning with “!” are comment lines used
to identify the data following the frequency which are the mag-
nitude and angle of the polar S-parameters normalized to typi-
cally 50 ohms.

The resonator designed by =OSCILLATOR= uses a smaller L-C
ratio and larger coupling capacitors than the previous shunt-C
coupled resonator. The supply resistor, Rd, is sufficiently large
that a decoupling inductor is not required, therefor  Ld is a null
component. Once =OSCILLATOR= finds appropriate element
values and displays a schematic on screen it writes a text circuit
file or schematic for the =SuperStar=  simulator.

6.3.2 Analysis of the Example

The simulator text circuit file written by =OSCILLATOR= is
given in Table 6-3. We chose to couple power out at the output of
the MAR3 MMIC amplifier. Therefore a 100 pF capacitor and a
50 ohm resistor are manually added to the circuit file (nodes 5
and 6) to simulate coupling power to a 50 ohm load. The unloaded
Q of the resonator inductor is 90.

The transmission gain (S21) and phase and input and output
S-parameters as computed and displayed by =SuperStar= are
given as the solid traces in Figure 6-4. There is ample loop gain
and S11 and S22 are relatively well matched. However the phase
zero crossing is approximately 0.6 MHz low and the phase zero
crossing is slightly off the maximum phase slope.

6.3.3 Optimization of the Example

An OPT optimization section was added to the circuit file as
shown at the bottom of Table 6-3. The desired optimization
frequency of 100 MHz is bracketed by specifying 99.9 to 100.1
MHz. The optimization goals are an open loop gain, S21,  of at
least 6 dB, loop phase equal to zero, and matches of 16 dB return
loss or better. In Chapter 2 we discovered unloaded Q is propor-
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-180

s21- P21- Sll- SZZ-
90 96
-6.4739 0.237565 1227189

110
-9.67926 :218267 %7878 i&3763 ik59

94.042 75.6727 -53.7573 -68.463 -16.7145 -14.5603 -16.4447 -17.3045
CSl c.u C.C2

Figure 6-4 Computed responses of the MMIC oscillator as
designed by =OSCILLATOR=  (solid) and after optimization in
=SuperStar= (dashed) to improve the loaded Q.

tional to group-delay Although not displayed in Figure 6-4, the
initial group delay of this cascade is approximately 50 nS. To
improve the loaded Q the group-delay optimization goal is speci-
fied as at least 100 nS. The shunt coupling capacitors and series
resonator capacitor are selected as optimizable elements.

The open-loop responses after optimization are given as the
dashed traces in Figure 6-4 and the optimized element values are
given near the bottom of the screen. After optimization the shunt
coupling capacitors were adjusted to the nearest standard values
and the series resonator capacitor was adjusted to maintain the
phase zero crossing at 100 MHz. Notice the shunt capacitors
increased which increased the phase slope and placed the zero
crossing closer to the maximum phase slope.
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Table 6-3 Simulator circuit file for the MMIC oscillator. The
OPTIMIZATION section of the WINDOW block has been
manually added

CIRCUIT
CAP 1 0 C=?lOO Ckl 000 ‘Cl
CAP 2 3 C=?9.217  Q=lOOO  ‘C3
CAP 3 0 C=?lOO Q=lOOO  ‘C2
IND 1 2 L=330 Q=120  ‘L
IND 0 4 L=l e-06 Q=l e+06 ‘Ld
TWO 3 5 0 O=SP Z=50 F=MAR3.535  ‘MAR3
RES 4 5 R=270 ‘Rd
CAP 5 6 C=lOO
RES 6 0 R=50
DEF2P 1 5 Loop
WINDOW
Loop(50,50)
GPH S21 -20 20
GPH P21 -180 180
SMH Sll
SMH S22
FREQ
SWP  90 110 101
OPT
99.9 100.1 S2126  P21=0  Sl 1 <-16 S22<-16  DLY>lOO

6.3.4 Noise Performance of the Example

The phase slope of the optimized oscillator open-loop response
displayed in Figure 6-4 is approximately 36’ per megahertz.
From the equations for loaded Q in Chapter 2, the loaded Q is
found to be approximately 31.4. This is higher than the loaded Q
of typical L-C oscillators found in the literature and provides good
phase noise performance. At this point, we leave the analysis
program =SuperStar=,  and the noise estimation routine in
=OSCILLATOR= is used to compute and display the SSB noise
performance given in Figure 6-5. The SSB phase noise is out-
standing for an L-C oscillator; -100 dBc/Hz  at 1 KHz offset. The
equations used to estimate the noise performance are given in
Chapter 4.



158 Oscillator Design and Computer Simulation

Freg. MHz:

81:

Flicker, Hz:

F(F:

Retidualt.  RMS:

FM: 0.63508 Hz

PM: .001031  radians -180 100 Hz 10 kHz 1 MHz

- osc - Var - Total

Figure 6-5 =OSCILLATOR= program noise analysis screen
with input data on the left and estimated SSB phase-noise
graphed on the right.

Important parameters are entered on the left of the noise analysis
screen of =OSCILLATOR= as shown in Figure 6-5. The loaded Q
from the =SuperStar= analysis is 31.4. The device flicker corner
is estimated to be 30 KHz. The circuit noise figure is 6 dB. The
varactor box is not checked, indicating that a varactor is not used
to tune the frequency When a varatctor is used two additional
traces appear on the noise analysis screen; one with varactor
modulation noise and a third with the power sum of the oscillator
and varactor modulation noise. The oscillator output power of 8
dBm is entered at the end of the input list.
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Flow and Fhi entered near the end of the input list are the lower
and upper baseband frequencies of interest in hertz, in this case
300 to 2300 Hz. =OSCILLATOR=  integrates the SSB phase noise
over this offset frequency range to predict the residual RMS FM
and PM noise at 0.635 Hz and 0.00103 radians, respectively

Why do typical VCOs not achieve this phase-noise performance?
To understand why we will use a third computer program.

6.4 SPICE Analysis of Oscillators

At this point we have used =OSCILLATOR=  to create a 100 MHz
L-C oscillator and used =SuperStar=  to perform an open-loop
analysis of oscillation criteria, the oscillation frequency, the loop
cascade noise figure and the oscillator loaded Q. We used these
parameters to estimate the phase-noise performance. Next we
will use SPICE analysis to study oscillator starting, output level,
harmonic content, and verify the oscillation frequency for steady-
state operation in full limiting.

Table 6-4 IsSpice 4 simulator net-list for the MMIC oscillator

LOOP OSCILLATOR
*INCLUDE HPRF.LIB
Cl 10 12OP
Ll 1 2 330N
RQ 2 6 2.3
C2 6 3 8.82P
C33012OP
Rl 1 4 270
C4151OOP
R2.5050
VSUP 4 0 12
Xl 1 3 0 MSA0386
.TRAN .l N 1000N  UIC
.FOUR 1 OOmeg  V(5)
.PRINT TRAN V(5)
.PLOT TRAN V(5)
.end
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The SPICE program we will use is IsSpice4 from Intusoft [3]. The
circuit is still as shown in Figure 6-3 with the output of the
cascade connected back to the input (node 1). Output is taken by
connecting a 50 ohm termination to node 1 through a 100 pF
coupling capacitor. The IsSpice4 net list is given in Table 6-4
which describes the circuit and specifies a transient analysis. RQ
is a 2.3 ohm resistor to model the unloaded Q of the inductor as
90 at 100 MHz. The Mini-Circuits MAR3 MMIC amplifier is
modeled using the HP MSA0386 SPICE model in the Intusoft RF
library HPRF.LIB.

An Intusoft Scope program display of the voltage at node 5 across
the 50 ohm termination is given in Figure 6-6. The sudden 1 volt

JX3N BIN 7rnN

WFM.1  V(S) vs. TIME in Sets

Figure 6-6 IsSpice4 predicted oscillator starting waveform
across the output 50 ohm load.
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rise in voltage just after t=O is due to start-up biasing transients.
After approximately 50 nS, the circuit approaches the quiescent
bias point and oscillation begins to build. In approximately 400
nS the level has reach 63% of the final value of 800 mV peak-to-
peak. Full limiting and steady-state is reached in approximately
1 US. Since the RMS voltage of a sinusoidal 800 mVp-p  signal is
283 mV, the power delivered to the 50 ohm load is approximately
1.6 mW or 2.1 dBm.

Examination and interpolation of raw IsSpice4 data of the output
voltage finds  the period (voltage zero crossing to zero crossing) is
10.3 nS which corresponds to a frequency of 97 MHz. An IsSpice4
Fourier analysis of the output waveform predicts the 2nd,  3rd and
4th harmonics are -19.2, -44.7 and -45.4 dBc respectively

6.5 Loaded Q Limitation

Earlier we eluded to the fact that this circuit which has a high
loaded Q is not usable as a broad tuning VCO. Analysis so far has
still not revealed the reason. Shown in Figure 6-7 is an IsSpice4
analysis of the voltage at node 6, the connection of the resonator
capacitor and inductor. The voltage at node 6 is over 10 Vp-p!
This high voltage is the result of the transforming effect of the
high loaded Q. The voltage at node 3, the input to the MAR3
amplifier, is very low in relation to the resonator voltage. There-
fore most of the 10 volts appears across the resonator capacitor.
Extreme care must be exercised in designing the tuning network
so that the tuning varactor can deal with the high resonator
voltage. Back-to-back tuning varactors are often used so when
the voltage swing drive one varactor into forward conduction the
opposite varactor is reversed biased. Using an amplifier with an
input and output impedance lower than 50 ohms helps keep the
resonator voltage lower, but element values and parasitics  be-
come a problem. This is a fundamental limitation of varactor
tuned high-Q oscillators.
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11.0 I I

8.m

5.m

200

4.m

SmN SMN 7rnN

WFM.1 V(6) vs. TIME in Sets

Figure 6-7 IsSpice  predicted waveform within the resonator.

6.6 100 MHz Loop Oscillator Measured Data

The output spectrum of a prototype of this oscillator displayed
using a Hewlett Packard HP8560E  spectrum analyzer is given in
Figure 6-8. The frequency span is 100 KHz (10 KHz/division) and
the IF bandwidth (resolution bandwidth) is 1 KHz. The width of
the carrier is the response of the analyzer IF filter and does not
represent the character of the spectrum. Also, at the displayed
offset frequencies the noise floor (above 20 KHz offset) is the noise
performance of the analyzer and not the oscillator.

The oscillation frequency predicted by =SuperStar=  and IsSpice4
are within 3 MHz of each other. The tolerance of the components
used in the prototype are not nearly this tight and a prototype
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Figure 6-8 Output spectrum of the 100 MHz oscillator for
offsets to 50 KHz (5 KHz per division).

oscillation frequency of 103.3 MHz (3.3% too high) is not unex-
pected.

The 3.3 dBm output level as measured by the spectrum analyzer
is approximately 1.2 dB higher than the IsSpice4 predicted value
of 2.1 dBm. The difference is less than the specified amplitude
accuracy of the analyzer. The 2nd harmonic is -18 dBc, the 3rd is
-42 dBc and the 4th is -43 dBc. These values are amazingly close
to the predicted values.

The spectrum to 2.5 KHz offset is shown in Figure 6-9. The
HP8560E IF bandwidth is 30 Hz which requires a correction
factor of 10 log 30 = 15 dB. The analyzer IF filter noise bandwidth
and detector characteristics require an additional correction fac-
tor of 2.5 dB. The displayed noise at 1 KHz offset (2 divisions)
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Figure 6-9 Output spectrum of the 100 MHz oscillator for
offsets to 2.5 KHz (500 Hz per division).

after smoothing is approximately 85 dB. This value plus 15 dB
minus 2.5 dB is 97.5 dBc/Hz,  close to the -100 dBc/Hz  predicted
by =OSCILLATOR=. The marker at 1 KHz offset is set to read
noise and the displayed value of -97.34 dBc/Hz  is automatically
corrected for analyzer bandwidth and detector characteristics.

6.7 Negative-Resistance Oscillator Computer Analysis

Negative resistance oscillator analysis was introduced in Chapter
2. We will investigate computer analysis techniques for these
oscillators in this section. Recall from Chapter 2 that a bipolar
common collector transistors may provide at its base negative
resistance in series with capacitance. Since the capacitive reac-
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tance  may be relatively large it can significantly reduce VCO
tuning range. The ideal transistor for a negative resistance VCO
has a constant resistance versus frequency and a small capacitive
reactance. Before beginning the design of the VCO it is appropri-
ate to investigate the transistor in isolation.

6.7.1 Analysis Fundamentals

Consider the common-collector configuration shown in Figure
2-21. Shown on the left graph in Figure 6-10 is the display from
=SuperStar= of the input reflection coefficient magnitude swept
from 500 to 1000 MHz with a 50 ohm reference impedance. The
lower, slightly lighter, trace is the magnitude, CII, with the left
vertical scale and the upper trace is the angle, PII, with the right
vertical scale. The transistor is a Motorola MRF559 biased at 5
volts Vce and 25 mA L. The emitter resistance is 270 ohms and

Figure 6-10 =SuperStar=  analysis of negative resistance
transistor input characteristics.
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the emitter capacitance is 3.3 pF. The 270 ohm resistor is for
biasing and the function of the 3.3 pF capacitor is described later.

The reflection coefficient increases from 1.21 at 500 MHz to 1.91
at 1000 MHz (notice the markers at the bottom of the graph.) The
fact that the input reflection coefficient is greater than 1 indicates
an incident wave is scattered back at greater amplitude than
incident, the characteristic of a negative resistance. The angle
ranges from -39.4’ at 500 MHz to -92.6’ at 1000 MHz.

Shown on the upper right in Figure 6-10 is the same input data
displayed as Rin and Xin, the series resistance and reactance.
This same data is also displayed in tabular form on the lower
right. The negative resistance is relatively constant, from -27 to
-41 ohms. The reactance is -129.8 ohms at 500 MHz, correspond-
ing to a series capacitance of 2.45 pF, and -39.5 at 1000 MHz,
corresponding to 4.0 pF.

Again referring to Figure 2-21, if the external tuning varactor is
2.45 pF, the effective series capacitance would be only 1.225 pF,
resulting in a frequency 1.414 times higher than expected. One
solution is to use very small tuning capacitance. This also in-
creases the oscillator loaded Q. Unfortunately with small varac-
tor capacitance, package and PWB parasitics  limit the minimum
capacitance which also decreases the tuning range. Therefore,
device selection begs for large effective input capacitance.

6.7.2 Device Selection

Shown in Figure 6-11 are Rin and Xin. for four different bipolar
transistors with grounded collectors, emitter resistance of 270
ohms and no emitter capacitance. The slightly lighter traces are
the resistances with a vertical scale of -50 to 50 ohms. The
reactances are plotted with a vertical scale of -500 to 500 ohms.
On the upper left is a 2N3866  biased at 14 volts at 80 mA. On
the upper right is a MRF559 biased at 5 volts and 25 mA
(S-parameters from Motorola). On the lower left is an MRF901
biased at 6 volts and 15 mA (S-parameters from Motorola) and
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Figure 6-11 Input resistance and reactance of four bipolar
transistors in common-collector configuration. The transistor
types are listed in the title bar of each graph.

on the lower right is a Hewlett-Packard/Avantek  AT41586 biased
at 8 volts and 25 mA.

The resistances are relatively constant for the 2N3866,  MRF559
and MRF901  transistors but not very negative for the MRF559.
Below 650 MHz the resistance actually goes positive for the
AT41586. The reactances  at 500 MHz are -45 ohms, -149 ohms,
-516 ohms and -948 ohms respectively for the 2N3866,  MRF559,
MRF901 and AT41586 transistors. The effective input capaci-
tances are therefore 7.1 pF, 2.1 pF, 0.62 pF and 0.34 pF, respec-
tively The lower capacitance values would severely restrict VCO
tuning range.
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The inescapable conclusion is that “higher performance” transis-
tors with higher Ft and gain are the least suitable for negative
resistance oscillators! This is clearly contrary to selection criteria
for oscillators which use open-loop theory for design. This is
because negative-resistance oscillators depend on internal feed-
back mechanisms to develop the negative resistance. These
mechanisms rely on junction capacitance to provide this feedback.
Older devices and devices designed for higher power typically
have larger junctions and therefore junction capacitance.

The following common-emitter S-parameter criteria are helpful
in selecting an active device for use in negative resistance oscil-
lators, listed in order of importance.

(a) At low frequencies the common-emitter phase shift of
bipolar transistors approaches 180’. However, for nega-
tive resistance oscillator devices, the angle of S21 at the
lowest operating frequency should be 90’ or less.

(b) The magnitude of S21 should be as high as possible.

(c) The magnitude of S12 should be large as possible.

Higher Ft devices have a more ideal phase shift (closer to 180’)
which is inconsistent with requirement (a). This is why the
AT41586 transistor has positive input resistance below 650 MHz
even though it has higher S21 magnitude than the other devices.

In the next section we investigate the use of external components
to make a given device more suitable for negative resistance
oscillators.

6.7.3 Circuit Enhancements

Shown in Figure 6-12 are the input resistance and reactance for
the AT41586 transistor with external capacitors. On the left is
with 10 PF of capacitance to ground at the emitter. On the right
is with 10 pF on the emitter and 2.2 pF to ground at the base.
With just emitter capacitance, the input resistance ranges from
-292 ohms to -90.8 ohms (lower trace) and the reactance ranges
from -299 ohms to -30.8 ohms (upper trace). Notice the vertical
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Figure 6-12 Input resistance and reactance for the AT41586
transistor with 1OpF emitter capacitance (left)  and 10pF
emitter capacitqnce and 2.2 pF base capacitance.

scales are changed from the previous figure. While the resistance
is extremely negative across the band, at 500 MHz the -299 ohms
reactance is only 1.06 pE However, recall with no emitter capaci-
tance the AT41586 input resistance is positive below 650 MHz
and the capacitance is only 0.34 pE Thus the emitter capacitor
is absolutely necessary for oscillation below 650 MHz and also
increases the effective series capacitance. The emitter capacitor
is critical to negative resistance oscillator performance, particu-
larly so for higher Ft devices. Design of these oscillators should
always begin with review of the appropriate value for Ce. For a
given device, higher Ce is generally required at lower frequencies.
At still lower frequencies, a typical device becomes “too ideal” and
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no value of Ce is incapable of producing negative resistance, at
which point a lower Ft device should be selected.

On the right in Figure 6-12, 2.2 pF to ground at the base is
included in addition to the 10 pF emitter capacitance. This shunt
capacitance at the input has the effect of transforming down the
magnitude of both the resistance and reactance. The negative
resistance now ranges from -21.7 ohms to -25.1 ohms. The reac-
tance at 500 MHz is reduced to -111.8 ohms with increases the
input series capacitance to 2.85 pF from 1.06 pF. The shunt input
capacitor is another tool for increasing the series capacitance, but
can only be employed if the magnitude of the negative resistance
is large.

In effect, external capacitance at the emitter and base causes a
high Ft device to behave similarly to a less expense, low Ft device.
However, use of external elements has the advantage of making
oscillator performance less dependent on parasitics  of the active
device which improves temperature stability and manufacturing
repeatability It is important to avoid and characterize the effects
of lead and path inductance to ground for these external capaci-
tors.

6.8 Broad Tuning UHF VCO Example

Shown in Figure 6-13 is the schematic of a complete negative
resistance VCO. The power supply is assumed to be bypassed.
Output power is taken at the collector so instead of directly
grounding the collector at the supply, a 50 ohm resistor is used to
develop output voltage. When a 50 ohm load is connected to the
collector through the 100 pF coupling capacitor, the collector
effectively “sees” about 25 ohms to ground at RF. This does effect
the base Rin and Xin slightly and could have been included in the
previous device analysis.

For biasing, the 50 ohm resistor drops only about a volt. The
collector voltage is divided by the two 2700 ohm resistors to
provide approximately 7 volts at the base. The additional drop of
0.65 volts across the base-emitter junction results in 6.35 volts at
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Figure 6-13 Schematic of UHF VCO with biasing and
resonator elements.

the emitter which develops approximately 24 mA emitter and
collector current.

An emitter capacitance of 4.7 pF is added and the base capaci-
tance of 1 pF is actually PWl3 pad capacitance. The series 100 pF
capacitance at the base decouples the base bias voltage from the
varactor circuitry. The 1500 ohm resistor returns the right side
of the right varactor to ground potential. While the oscillator is
analyzed by looking through the resonator, the actual oscillator
is constructed with the left side of the resonator inductor directly
grounded. This returns the left side of the left varactor to ground
potential. The back to back varactors are tuned via the 250 nH
bypass inductor. Shown in Figure 6-14 is Ri, andXin looking into
the resonator through the inductor lifted off ground. The solid
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Figure 6-14 =SuperStar=  analysis of 500 to 1000 MHz
negative resistance VCO.

traces are with the varactor capacitance tuned to 6 pF and the
dashed traces are with the varactors at 1 pF. Oscillation occurs
when the net reactance in the resonator-transistor path is zero.
This is 535 MHz at 6 pF and 990 MHz at 1 pF. Varactor capaci-
tance of approximately 8 pF to 0.95 pF are required to tune from
500 MHz to 1000 MHz.

Two alternative methods of viewing the input of the oscillator are
shown in Figure 6-15. On the left the linear input reflection
coeffkient magnitude, CII, and angle, PII, are displayed. The
solid traces are with the varactor capacitance at 6 pF and the
dashed traces are with the capacitance at 1 pF. The input refer-
ence impedance is 15 ohms. The reflection coefficient magnitude
peaks at approximately 4.5 with the capacitance at 6 pE The
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Figure 6-15 Alternative formats for viewing the input
characteristics of negative resistance oscillators.

reflection coefficient angle is zero near this peak. The varactor
tuned to 1 pF the reflection coefficient magnitude peaks at
approximately 6.8 at 990 MHz where the angle is 180’. These
reflection coefficients correspond to the negative resistances dis-
played in Figure 6-14, -22 ohms at 535 MHz and -11 ohms at 990
MHz. Oscillation occurs at the frequency where the reflection
coefficient angle is zero or 180’.

To understand why oscillation can occur at reflection coefficient
angles of either zero or X30’, consider the right side of Figure 6-15.
The same input characteristics are again displayed, this time on
a Smith chart with -15 as the reference impedance. With a
negative resistance specified as the normalizing impedance,
negative input resistances display within the circumference of the
chart. Negative resistances display outside a Smith chart with
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the usual positive normalizing impedance. The two traces on the
right in Figure 6-15 are again with the varactor tuned to 6 pF
(solid) and 1 pF (dashed). They each cross the real axis of the
Smith chart. At 535 MHz the resistance is -22 ohms and displays
to the right of center (zero-degrees). At 990 MHz the resistance
is -11 ohms and the real-axis crossing is left of center (180’). Both
occur at zero reactance and indicate the oscillation frequency.
Whether the,reflection  coefficient angle is zero or 180’ depends
solely on the arbitrary choice of the reference impedance.

At this point we have completed a steady-state analysis of the
broadband VCO. Negative resistance is maintained across the
band and the oscillation frequency versus tuning capacitance is
easily predicted. Let’s take this one step further and optimize
component values in the oscillator to linearize the frequency
versus tuning voltage.

6.8.1 Frequency Tuning Linearity

We will next attempt to optimize the linearity of the frequency
versus tuning voltage curve of the VCO from 600 to 900 MHz. A
A Loral Frequency Sources GC-15008 linear tuning varactor is
selected[4].  GC-15003 capacitance versus voltage is given by the
following expression from 2 to 20 volts.

cv = CO

( l+sv)2
6.1

where s = 0.11 and Co = 5.2 for the GC-15008.

Shown in Table 6-5 is the text portion of a schematic circuit file
for =SuperStar=.  We will attempt to linearize the tuning curve
at four frequencies; 600,700,800  and 900 MHz. This is done by
optimizing the phase zero crossing of S11 at these frequencies
with varatctor voltages which are a linear progression. Four
circuits which share all components except the varactor are
defined in the schematic file. These four circuits use varatctor
capacitance CVl, CV2, CV3 and CV4. The EQUATE block in the
text portion of the schematic define these and the resonator
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Table 6-5 Text portion of a =SuperStar= schematic set-up for
optimization of the tuning linearity of the VCO

EQUATE
L=?66.77
co=5.2
S=O.ll
Vofk?t=2
K=?2.869
Vl =Voffset
V2=Vl  +l l K
V3=Vl+2*K
V4=Vl+3’K
Cvl =Co/(  1 +s*v1p2
Cv2=Co/( 1 +s*v2p2
Cv3=Co/( 1 +S*V3)“2
Cv4=Co/( 1 +S*V4)“2
V=6.4
Cv=Co/( 1 +s*vp2

WINDOW
CV1(5,50)
GPH Sll 0 10
GPH Pl 1 -225 225
FREQ
SWP  500 1000 101
OPT
599 601 S116 Pll=O Ull=.OOl

699701 S116P11=0U11=.001
WINDOW
CV3(5,50)
GPHSll  010
GPH Pll -225 225
FREQ SWP 500 1000 101
OPT
799 801 S116  Pl l=O Ul 1 =.OOl

WINDOW
CV4(5,50)
GPH Sll 0 10
GPH Pll -225 225
FREQ
SWP  500 1000 101
OPT
899 901 S116 Pll=O Ull=.OOl

WINDOW
CV(5,50)
GPH Sll 0 10
GPH Pll -225 225
FREQ
SWP 600 900 61

WINDOW
CV2(5,50)
GPH Sll 0 10
GPH Pl 1 -225 225
FREQ
SWP 500 1000 101
OPT

inductor, L, which can be optimized but which has an identical
value for all circuits. The estimate for the original value is 75 nH.
Co and S in the EQUATE block correspond to the GC-15008
varactor. Voffset is the minimum acceptible  tuning voltage. This
recognizes that the varactor equation is only valid above 2 volts.
K is the linear voltage step between each frequency It insures



176 Oscillator Design and Computer Simulation

Figure 6-16 Four frequency views of the VCO before (solid) and
after (dashed) optimization to linearize the tuning.

each voltage point is a linear progression from the previous
voltage. Allowing it to be a variable sets the tuning rate. Voltage
Vl through V4 then correspond to linearly increasing varactor
voltages which are used to compute CVl through CV4.

The reflection coefficient for these four circuits are displayed in
Figure 6-16. The solid traces are the reflection coefficient mag-
nitudes and angles before optimization. Notice that after optimi-
zation (dashed traces) the SII are aligned at 600, 700, 800 and
900 MHz. The values of K and L after optimization are given at
the bottom of the screen in Figure 6-16. With K= 2.869, the
voltage at 900 MHz is 2+3*2.869=10.6 volts, well within the 20
volt maximum limit for the varactor equation.
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Figure 6-17 3-D plot of the tuning linearity of the negative
resistance VCO.

Shown in Figure 6-17 is a 3-D plot of the input reflection coeffi-
cient after tuning linearity optimization. The fifth Window in
Table 6-5 is used to generate this plot. The frequency sweep is
from 600 to 900 MHz. The second independent axis of the 3-D
plot is the varactor tuning voltage, V, which ranges from 2 to 10.8
volts. Looking along the peak response of Sll, the linearity of the
tuning voltage curve becomes apparent.

6.9 SPICE Analysis of the UHF VCO

The oscillation criteria, negative resistance magnitude and flat-
ness, effective series capacitance and tuning characteristics in-
cluding linearity have been fully characterized using
=SuperStar=.  Next, as was done with the open-loop Bode analy-



178 Oscillator Design and Computer Simulation

Table 6-6 IntuSoft ICAPI4 Spice net list for the negative
resistance UHF VCO

NEGATIVE-R OSCILLATOR
.MODEL  MV120404  D(M=0.55 VJ=O.69  CJO=7.1  P BV=43.33 IBV=l ON)
*INCLUDE RFLIB
Rp 0 10 3.3
Lp10159n
Dl 1 2 MV120404
D2 4 2 MV120404
Vvar 3 0 9
Lt 2 3 250N
Rr40 1500
c c 4 5  loop
Cb 5 0 1 .Op
Rb 5 0 2700
Rbc 6 5 2700
R c 6 7 5 0
Xl 6 5 8 MRF559
Ce 8 0 4.7~
Re 8 0 270
Cout 6 9 1 OOp
Rload 9 0 50
Vsup 7 0 PULSE 0 15
.TRAN .l N 250N
.FOUR 760MEG V(9)
.PRINTTRAN  V(9) V(1)
.end

sis, the starting and non-linear properties of this negative resis-
tance oscillator are studied using SPICE analysis. The sche-
matic of the oscillator under consideration is as before and is
shown in Figure 6-13. The IntuSoft ICAP/ SPICE file is given
in Table 6-6. The transistor is from the ICAP/ library for a
Motorola MRF559 bipolar transistor. The varactor model is from
the ICAP/ library for a Motorola MV2101  varactor modified to
approximately match the C-V curve of an Alpha Semiconductor
SMV1204-104 varactor [5]. For the following SPICE analysis the
varatctor is biased at 9 volts (the Vvar independent voltage
source).
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Figure 6-18 Start-up transient analysis of the negative
resistance oscillator.

6.9.1 Oscillator Starting Time

The supply to the oscillator (Vsup)  is pulsed on from V = 0 volts
to V= 15 volts at t = 0 and the transient analysis is run to t = 250
nS. The IntuSoft Scope program is used to display the transient
data from t = 0 to t= 50 nS as given in Figure 6-18. The center
trace is the voltage at node 1, the ungrounded end of the resonator
inductor. By 50 nS the voltage has risen to approximately 22 vp-p.
Beyond 50 nS the voltage rises to approximately 25 vp-p steady-
state. The second trace is the voltage developed across the 50 ohm
load at node 9. The load is AC coupled so the steady-state average
voltage is zero volts. When the oscillator supply is initially
switched on at t = 0 bias network transients result in a voltage
step in the load which diminishes as the output coupling capacitor
charges. The steady-state load voltage is just under 2 vp-p.
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Oscillator start-up is discussed in Chapter 3. Oscillator start-up
theories are often based on noise. It is true that circuit thermal
noise, when band limited by the resonator, is no longer white.
Examination of a noise source transmitted through an oscillator
resonator (acting like a filter) reveals a “fuzzy” sinewave. Com-
ponents of this noise at the resonator frequency would build to
reach the steady state oscillating condition.

However, the sudden application of the supply voltage to the
oscillator circuit typically causes the resonator to ring and insures
start-up with greater repeatability than would result from a
small random process noise voltage. Therefore, it is often time
constants in the bias supply network which are responsible for
the starting characteristics of an oscillator. Figures 3-15 and 3-16
show no observable jitter on the leading edge. These waveforms
are not a single stored sweep but are multiple sweeps of a

I I ---

1

Figure 6-19 Start-up waveforms of the VCO with output
coupling capacitor reduced to 18pF.
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triggered oscilloscope. The absence of jitter in these photographs
is testimony to the repeatability of starting and strongly suggests
it is not based on a random process.

The transistor collector bias voltage rises as the coupling capaci-
tor is charged through Rc and the load resistance. The 10 nS R-C
time constant is evident in the load voltage plotted in Figure 6-18.
In the SPICE starting waveforms shown Figure 6-19 the 100 pF
coupling capacitor to the load is replaced with an 18 pF capacitor.
The resulting output waveform approaches zero volts as expected
approximately five time faster. Careful examination of the reso-
nator voltage also reveals the steady-state oscillation level is
reached more quickly This is because the collector voltage rises
more quickly

It is evident that a number of factors contribute to oscillator
starting time, including pararneters as mundane as bias network
time constants and the values of coupling capacitors.

6.9.2 The Oscillator Spectrum

From Figure 6-19 we determine that approximately 18.75 cycles
occur in 25 nS corresponding to a period of 1.33 nS and an
oscillation frequency of 750 MHz. This information is used to
specify a fundamental frequency of 750 MHz for a subsequent run
including the SPICE “.FOUR”  command to perform a Fourier
series analysis. Inspection of the plots in Figure 6-19 reveals that
V(9), the output waveform contains significant harmonic content
while V(l), the voltage at the resonator is a purer sinewave. The

Table 6-7 SPICE Fourier analysis of the fundamental and
harmonic components of the VCO output and resonator voltages

HARMONIC
Fundamental
2nd
3rd
4th

V(9)
V p e a k  dB

0.664 0.0
0.387 -4.7
0.098 -16.6
0.070 -19.5

VU)
V p e a k  dB

14.7 0.0
0.085 -44.8
0.216 -36.7
0.152 -39.7
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Fourier analysis determined the fundamental and harmonic peak
voltages and the harmonics relative to the fundamental given in
Table 6-7.

The fundamental peak voltage is 0.664 volts, corresponding to an
output level of 6.4 dBm into a 50 ohm load. The harmonic levels
at the output are very high. Current at the collector tends to flow
as an impulse creating high harmonics. Lower Ft devices which
do not support narrow impulses have better harmonic perform-
ance. Nevertheless this form of oscillator is naturally rich in
harmonics.

The harmonic performance at the resonator is excellent. The
second harmonic is -45 dB relative to the fundamental. This is
because the resonator acts as a tracking filter. However, the
impedance level within the resonator is high and direct coupling
to a 50 ohm load kills oscillations. Therefore the output power
available at the resonator is low. A linear, high impedance buffer
coupled to the resonator provides excellent harmonic perform-
ance. Chapter 3 offers additional tips on controlling harmonics.
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In the next four chapters, the oscillator fundamentals discussed
previously are applied to the design of a number of specific
oscillators. The schematics, analysis of the Bode responses, circuit
peculiarities, and performance of these oscillators will be studied.

Oscillators using L-C, transmission line, SAW, and piezoelectric
resonators are investigated in detail. Each of these resonator
media has advantages and disadvantages, with suitability for
different oscillator applications. The range of examples is not
intended to be inclusive, but representative of techniques which
may be applied to satisfy specific oscillator requirements.

Each oscillator type is studied by a unified analysis approach, the
open-loop cascade gain-phase plot (with two exceptions). The
vagaries of different oscillator types have yielded to practical
solutions developed over the years by countless contributors. A
unified analysis of these practical designs will provide insight
into oscillator behavior and prepare the reader for development
of oscillators for new and unique applications.

Sixteen oscillator types, listed in Figure 7-1, are studied.
Oscillator configurations that utilize capacitive tapping of a sim-
ple tank resonator are Colpitts oscillators. Oscillator configura-
tions that utilize inductive tapping of the resonator are Hartley
Clapp added a capacitor to the Colpitts [1]. The process of naming
each variation or improvement to a classic design, as significant
as they may be, soon gets out of hand. Giving correct credit is
further complicated by the conversion of the classic vacuum tube
designs to solid-state devices which bear little resemblance to the
original active device. Oscillator types, other than those clearly
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YPE=LCOL

HELP I UALUES

TYPE DESCRIPTION FRE’I STClB  TUNE NOISE SIIlP DEU
I IlHz  l-18 % F o  l-le l-18

LCOL Lc COLPITTS (58 3 67 3 1e FET
LCLP Lc CLCIPP a3 4 38 4 9 FET
LBIP LC BIPOLR MP 38-388 3 l e e  2 le BIP
LHYB LC HYBRID IMP lee-lzee 3 l e e  2 9 HYB
TUHF T -LINE UHF u c o 388-2888 1 67 1 18 BIP
TUHX T - L I N E  + XFNR 288-1288 2 l e e  2 9 BIP
cBIp cfdI~Y B I P O L R 388-2888 4 67 5 1 BIP
CHYB WJITY HYBRID 388-2888 4 67 5 1 HYB
SBIP SclU 2-TERI’IINIIL Zee-leee 5 .e2 6 3 BIP
SHYB sfw ~-PORT  H Y B 288-1288 5 .e5 6 3 HYB
swos SAU ~-PORT  nos zee-leee 5 .e3 6 3 nos
XPRC XTAL PIERCE SER .l-28 8 .2 8 6 BIP
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XHPF XTAL HIGH PERF l-28 9 .2 9 5 BIP
XOUR XTAL OUERTONE ze-2ee 7 NIL 7 6 BIP
XNUL XTAL EL HULTPLR Se-688 7 .2 7 6 BIP

Figure 7-l Sixteen oscillator types studied in the following
chapters.

resembling early classic configurations, are given names descrip-
tive of the techniques used.

The parameters listed in the selection matrix are only guidelines.
The advantage of oscillator design with computer simulation and
analysis is that strict rules of design quickly and easily yield to
new ideas which can readily be tested.

7.1 Frequency Range

The oscillators studied cover, without modification, a frequency
range from submegahertz to about 2 GHz. All oscillators have at
least L-C oscillator short-and long-term phase stability, so R-C
oscillators are not included. The lower-frequency limit is deter-
mined primarily by the maximum inductor value the designer is
willing to employ Although the upper frequency limit is stated
as about 2 GHz, the upper frequency limit is determined by the



Circuits 185

highest frequency at which the lumped, or semi-lumped, con-
struction assumed is valid. Experienced microwave designers
using hybrid, MMIC, or miniaturization techniques can extend
these techniques to much higher frequencies.

The frequency range recommended for each oscillator type is the
range for which that type is most often and successfully applied.
For example, the L-C Clapp can be used above 50 MHz, but
transistor parasitics  are more easily dealt with at these frequen-
cies by the oscillator referred to as the L-C bipolar type. The L-C
bipolar can be used below 30 MHz, but the L-C Clapp is a simpler
solution at the lower frequencies. When specific requirements
suggest improvisation, by all means do so.

7.2 Stability

Long-term stability for each oscillator in the selection matrix is
rated relatively with a number from 1 to 10, with 10 being the
most stable. Long-term stability improves with increasing reso-
nator loaded Q. High resonator loaded Q tends to reduce the
effects of device to device, temperature, and aging variations of
active-device reactances.  Stability is then determined primarily
by the temperature and aging characteristics of the resonator
elements.

Power dissipation in the resonator can cause drift as the resona-
tor warms up from a cold start. This is aggravated by higher-
power oscillator operation (good for phase noise performance) and
by greater resonator loss (higher loaded Q). Resonator compo-
nents with lower-temperature coefficients reduce this problem.

7.3 Tuning Bandwidth

The maximum tuning bandwidth as a percentage of the center
frequency is listed. A common misconception is that high loaded
Q dictates a low tuning bandwidth. Loaded Q and tuning band-
width are independent. As an analogy, consider narrow-band
bandpass filters, which can be tuned over a frequency range far
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in excess of the bandwidth at any particular frequency setting.
The misconception is encouraged by SAW and bulk crystal reso-
nators which have marvelously high Q and extremely poor
tunability In this case, poor tunability results from an inability
to change the resonator internal values. Tuning must be accom-
plished external to the resonator. External tuning could be much
broader were it not for the static parallel capacitance, Co, of these
d e v i c e s .

A given oscillator configuration is capable of excellent high-Q
operation over an octave when only one element in the resonator
is tuned. An excellent example of high-Q oscillators with octave
tuning are the cavity oscillators found in manually tunable signal
generators. High-Q coaxial cavities with broadband tuning are
tuned by changing the effective length of the cavity

If all resonator components are tuned, including coupling ele-
ments, for example, an oscillator can theoretically be tuned over
extreme bandwidths. Practical problems do discourage high-Q
broadband oscillator tuning. High loaded Q is achieved by loose
coupling of the resonator, and looses are fairly high because
loaded Q is a significant fraction of unloaded Q. Coupling values
are therefore critical, and the loaded Q must not change signifi-
cantly over the frequency range to be tuned. A coupling structure
with this character must be used, or tuned coupling elements
must be employed.

A practical problem with electronic tuning of high Q oscillators is
high resonator voltage. As resonator loaded Q increases to 50%
of the unloaded Q, the resonator voltage becomes high. Refer to
Figure 2-7. The high resonator RF voltage can drive the varactor
into forward conduction. High-power operation to improve phase
noise performance aggravates the situation. Operation of the
varactor with a larger reverse bias allows a higher RF voltage
before forward conduction is reached. Unfortunately, a large
reverse bias reduces the capacitance tuning range. A second
solution involves using a dual back-to-back dual varactor configu-
ration which reduces the effects of conduction as long as the RF
voltage is less than the varactor reverse avalanche voltage.
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7.4 Phase Noise

The relative phase noise performance of each oscillator type is
also listed in Figure 7-l. This performance parameter closely
matches the stability rating. Differences are found for the cavity
and SAW oscillator types. The high-loaded Q of cavity and SAW
oscillators results in excellent short-term stability but they pos-
sess poorer temperature-drift performance than that of quartz
crystal oscillators. Very careful selection of cavity material and
construction can improve the long-term stability

The phase noise of an oscillator is a strong function of the loaded
Q. The loaded Qs assumed in Figure 7-l for each oscillator type
are readily obtainable values using standard commercially avail-
able inductors, capacitors, and resonators. The assumed Q is
specified in the detailed description of each oscillator. For critical
applications, higher loaded Qs can be obtained by modifying the
standard oscillator design.

7.5 Simplicity

This relative number is inversely proportional to the circuit
complexity and cost. Complexity and cost is based on a somewhat
arbitrary and subjective rating of 1 for resistors, 2 for capacitors,
3 for inductors, 5 for transistors, 10 for hybrids, 40 for bulk
crystals, 100 for SAWS,  and 200 for cavities. The sum for a circuit
is normalized to 10 maximum. This approximate rating system
is useful for quick comparisons. If cost or complexity require-
ments are critical, a more detailed comparison of actual schemat-
ics is advised.

7.6 General Comments

For each of the oscillators studied, a schematic with suggested
resonator component reactances  is given. Bias component values
are determined using the techniques and equations given in
Chapter 5. The schematic also gives resonator and bias compo-
nent values for a typical oscillator as computed by the oscillator
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synthesis program =OSCILLATOR=. A =SuperStar= circuit file
written by =OSCILLATOR= and the resulting open-loop Bode or
the reflection coefficient responses computed by =SuperStar=  are
also shown. Additional remarks concerning these programs and
examples of oscillator design using the computer are given in
Chapter 6.

Also given is the characteristic impedance recommended for the
loop gain and phase analysis. This should result in S11 and S22
plots near the center of the Smith chart at the oscillation fre-
quency. The actual best characteristic impedance is a function of
the center frequency and the device selected for use. If S11 and
S 2 2  are not near the center of the Smith chart, raising or lowering
the analysis characteristic impedance is recommended. The =Su-
perStar=  circuit file written by the =OSCILLATOR= synthesis
program uses the recommended characteristic impedance. The
characteristic impedance specified in this file may be easily
changed using the editor built into the =SuperStar= program.

One of the oscillator selection criteria was a desire for the char-
acteristic impedance to be 50 ohms. This simplifies oscillator
testing by allowing direct verification of the design loop gain and
phase plot by measurement with common test equipment. This
criterion was not always followed when an oscillator type was too
common or useful to ignore. A measurement technique in this
case might be to complete the design at the recommended imped-
ance, and then as a final step, do the computer analysis at 50 ohms
and compare the result with measured 50 ohm data.

The suggested reactances  given for the resonator result in the
given resonator loaded Q. Resonator values can be adjusted to
decrease loaded Q (less critical stability and higher power) or to
increase loaded Q (better stability). Guidelines for adjusting
loaded Q are given for each oscillator.

Computer simulation allows great flexibility in the design. Ideas
can be readily tested for their effect on oscillator performance.
Custom oscillator designs are easily analyzed using these tech-
niques.
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7.7 Output Coupling

Specific output coupling component values are not given because
they are a function of the design requirements. In addition, more
than one output coupling location may be specified on the sche-
matic. The text includes suggestions on the selection of the
output coupling location.

When high output power is of primary interest and stability is
less significant, tight output coupling is used. Coupling is taken
through low-reactance elements to drive the load. If stability is
of primary importance, a larger coupling reactance is used. For
example, an element with 500 ohms or higher reactance is used
to couple to a 50 ohm load. If a high-impedance buffer is used,
the coupling reactance has little effect.

When tight coupling is employed, the Bode response analysis
should include coupling of the output load. This is done by adding
the coupling reactance and load in series from the chosen
oscillator circuit location to ground. Additional details on output
coupling are found in Chapter 2.

7.8 References

[1] J. K. Clapp, An Inductance-Capacitance Oscillator of Unusual
Frequency Stability, Proceedings of the IRE, Vol. 36, 1948, pp.
356-358.
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L-C Oscillators

Oscillators using resonators constructed from inductors and ca-
pacitors find wide application in electronic systems. L-C oscilla-
tors are more stable than R-C oscillators for both the long and the
short term. As a consequence, L-C oscillators are almost exclu-
sively used for general oscillator applications above the lower-fre-
quency limit for which inductors are practical in size. Economic
high quality capacitors are available for a wide range of values
and seldom affect oscillator design as much as inductors. At low
frequencies, the value of inductance required for reasonable reac-
tance becomes large. Cores using magnetic materials help de-
crease the practical lower-frequency limit.

8.1 Capacitors

Capacitors used in the resonators of L-C oscillators should have
a high Q and a stable temperature coefficient. Porcelain, ceramic,
polystyrene, and silver mica capacitors are generally suitable,
although silver mica capacitors can be somewhat erratic with
temperature. At HF frequencies, polystyrene capacitors are an
excellent choice. At VHF and higher frequencies, porcelain and
ceramic are the best choices.

Ceramic material is available with a wide variety of temperature
characteristics. The ceramic used in resonator capacitors should
have an NPO or COG temperature characterization. Ceramic
capacitors are available with a specified temperature charac-
teristic, such as N750, N2200, and so on. N750 signifies a nega-
tive temperature characteristic of 750 parts per million per
degree Celsius. Specified temperature characteristic capacitors
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are used to compensate the known or measured temperature drift
of inductors or of the entire oscillator.

The Electronic Industries Association maintains standards on
capacitors [1] .  For example, the EIA designation for a N750
capacitor is U2J. The capacitance required of coupling and by-
pass capacitors is large. To obtain large capacitance in a small
size, a ceramic material with a very high dielectric constant is
often used. Unfortunately, the temperature drift of these ceram-
ics is often severe.

Shown in Table 8-1 is a sample of EIA capacitor designations.
Except for the COG designator, the first character in the EIA code
is the lower-temperature limit. The second character, a number,
is the upper-temperature limit. The third character is the tem-
perature tolerance over the specified frequency range.

It is obvious from Table 8-l that the temperature variation of
certain capacitors is severe. The W suffix specifies that the
capacitance at -55C may drop to 10% of the room temperature
value. This can have a significant effect, even if the capacitor is
used only for bypassing or coupling.

An important capacitor parasitic is lead inductance. The induc-
tance of ceramic and silver mica capacitors with lead spacings of
0.2 to 0.25 inch, and with the leads trimmed very short, is
typically 8 to 10 nH. The lead inductance of such a 10 pF capacitor
causes a series resonance at approximately 500 MHz. As the
operating frequency approaches the resonant frequency, the in-
ductive reactance cancels some of the capacitive reactance, and

Table 8-1 Sample of a Few EIA Temperature Designations for
Capacitors

Temperature Range (“C)
EIA Code Min Max

Change with Temperature (%)
Min Max

COG -55 125 -0.2 0.2
X7R -55 125 -15 15
X5W -55 85 -90 22
Y5F -30 85 -7.5 7.5
Z5U 10 85 -56 22
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the effective capacitance increases. Above the resonant fre-
quency, the capacitor is actually inductive.

Capacitors with O.l-inch lead spacing, and trimmed leads, have
approximately 3 to 5 nH of inductance. Chip capacitors typically
have 1 nH or less of inductance.

Capacitor Q in the HF region is typically in the thousands. At
VHF and higher frequencies, the Q is somewhat less, but usually
larger than inductor Q, so the inductor in the resonator defines
the resonator Q.

8.2 Inductors

The inductance in nanohenries of single-layer solenoid coils to
about 1% accuracy is [2]

L(nH) =
100QN2R2
9R + 10L

8.1

where

N = number of turns 8.2

R = radius to the center of the wire in inches 8.3

L = length of the solenoid in inches 8.4

For example, the inductance of a 22-turn coil with a radius of 0.15
inch and a length of 1 inch is approximately 960 nH.

To increase the inductance, or to facilitate tuning, the coil is
sometimes wound on a cylindrical slug of magnetic material such
as powdered iron or ferrite. The inductance of the solenoid
increases proportionally to the effective permeability of the slug.
Figure 8-l gives the effective permeability, b, as a function of the
material permeability, b, and the cylinder shape [3] .  For high
material permeability, the effective permeability is largely a
function of the length-to-diameter ratio.

An even more effective method of increasing inductance for a
given physical size is to wind the coil on a toroid or pot core of
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Figure 8-l Effective permeability for a solenoid inductor
versus material relative permeability of a cylindrical core.

magnetic material. The effective permeability of these forms
approaches the permeability of the material.

The inductance in nanohenries of a toroidal coil is

OD
L(nH) = 11.7b  tN2 log 10 8.5

where

b = material permeability 8.6

N = number of turns (passes through the center) 8.7

t = toroid thickness in inches 8.8

OD = toroid outer diameter 8.9
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ID = toroid inner diameter 8.10

Using a magnetic material to increase coil inductance generally
increases the temperature dependence of the inductance. The
cylindrical core has the smallest effect on the temperature char-
acteristics because the effective permeability is due primarily to
the core shape. The temperature coefficient of toroidal and pot
cores is almost identical to the temperature coeffkient of the
material, which is often significant.

The prevalent inductor parasitic is often the unloaded Q. The
approximate unloaded Q of single-layer solenoids with a length-
to-diameter ratio of 2 and wound with copper wire is [ 2 ]

Qu = 240R <f 8.11

where

R = radius of the solenoid in inches 8.12

f = frequency in megahertz 8.13

Unloaded Q for other length-to-diameter ratios and more detailed
inductor models are given in reference [2].

Another important inductor parasitic is the winding-to-winding
distributed capacitance and stray capacitance to ground. For the
solenoid this capacitance is approximately 1 pF per inch of
solenoid radius. Therefore, for a given operating frequency there
exists an upper limit on the usable solenoid size. The parasitic
capacitances of larger solenoids become significant, increasing
the effective inductance and reducing the Q. At still higher
frequencies, the coil resonates and then becomes capacitive.

A reasonably conservative air solenoid maximum radius in inches
is

R
15- -max- f

8.14

The maximum unloaded Q as a function of frequency is therefore
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Q
3600- -

umax-  cif
These relations are only approximate.

The maximum coil size at lower frequencies is quite large. To
obtain higher unloaded Q in smaller coils at low frequencies,
toroids and pot cores are often utilized, although temperature
drift may become a problem. At VHF and higher frequencies,
higher unloaded Q is achieved by using distributed (cavity or
transmission line) resonators.

8.3 L-C Colpitts Oscillator

This L-C Colpitts JFET circuit is the simplest oscillator studied.
The schematic for a 19 to 19.8 MHz example is given in Figure
8-2. It is a natural choice for low-cost and low-power tunable or
fixed-frequency requirements to about 50 MHz. The approximate
loaded Q of this oscillator with the resonator reactance values
suggested in the schematic is about 25. A =SuperStar= com-
puted cascade open-loop Bode response is shown in Figure 8-3.
With the tuning capacitor, Cl, at 33.17 pF the phase zero crossing
is near 19.4 MHz (markers 2 and 6). The zero crossing occurs
slightly higher in frequency than the loop gain peak. Both S11
and S22 are realtively well matched as shown in the Smith chart
plot. The open loop cascade is terminated with 150 ohms as
indicated in the title bar of the computed response.

The solid traces are with a resonator inductor (L=2200 nH) with
a very high unloaded Q. The dashed responses are with an
inductor unloaded Q of 100. Notice with finite inductor Q a drop
in loop gain and a slight reduction in the phase slope (loaded Q).
Both Sri and S22 shift slightly to the left (lower impedance) with
finite inductor Q. At this point a more accurate assessment of the
loop would be obtained by reducing the terminating impedance.

Element values were chosen based on the following equations:
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Rd
2700 ohm

L
2200 nH

Ls
8200 nH

-

Estimated min/max tuning
capacitor values:
32.2413531 pF

Figure 8-2 A 19.4 MHz Colpitts oscillator.

j-=258
2nf

Cl=1
48Onf

1
cz=-

48nf

8.16

8.17

8.18

The loaded Q for the element values above is approximately 25.

The bias element values were found using the equations in
Section 5-8 with a supply voltage of 20.4 volts, a drain-source
voltage of 14 volts, a drain current of 2 mA and a gate-source
voltage of 0.5 volts. The 8200 nH source inductor decreases
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10

a

180

18.9 194 19.9
s21- P21- Sll- s22-
18.9 19.4 19.6 19.9 18.9 19.4 19.6 19.9
6.17233 EE 8.06757 4.81798 -32.0093 -11.6044 -10.124 -10.193
61.4474 -22.7785 -43.703 -2.26971 -9.84202 -4.18799 -1.49171
Q.L cm

Figure 8-3 Open loop response and matches for a 19.4 MHz
oscillator with very high inductor Q (solid) and an inductor Q
of 100 (dashed).

loading by the source resistor. In this case, the 270 ohm source
resistance is greater than the 150 ohm impedance level, and
removing the source inductor decreases the loop gain only by
about 1.5 dB. This is a good trade-off for a low-cost design,
particularly if little tuning is required which might further de-
crease the loop gain. Lower drain currents and devices with
higher Vgs requirements increase the source resistance.

The frequency is tuned from 19 to 19.8 MHz with C1 tuned from
34.84 to 31.72 pF. For this narrow tuning range the loop gain,
loop phase and match characteristic change little. The tuning
bandwidth of this circuit is approximately 100% (3: 1 in frequency)
with some degradation of gain, phase and match. A wider tuning
range, particularly down in frequency, is achieved by tuning the
inductor instead of tuning the capacitor C1.
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Increased loaded Q is achieved by increasing C2 and decreasing
C1, or by decreasing L and increasing both C1 and C2. For a given
inductor Q, increased loaded Q naturally results in less loop gain.

8.3.1 Output Coupling

The output is usually taken from the JFET source. A suggested
coupling reactance at the source for a 50 ohm load is 300 to 700
ohms. The drain is at a high impedance. Very light coupling must
be used if energy is taken at this point. Refer to Chapter 2 for
additional details on coupling techniques.

8.4 L-C Clapp Oscillator

This oscillator [4] is very similar to the previous Colpitts JFET
circuit. The resonator inductor is replaced with a series L-C
network. The schematic is given in Figure 8-4. For a given
inductor value, this circuit has a higher loaded Q than that of the
Colpitts oscillator.

The element values are

L=300
2nf

1
cl=-

3407Lf

1
c2=-

36nf

1
c3=-

2327cf

8.19

8.21

8.22

These resonator values result in a loaded Q of approximately 35.
The loaded Q can be increased by increasing L and decreasing C3,
or by decreasing C1 and increasing C2. Bias components are
found using the techniques discussed for the Colpitts circuit.
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- :

Rd
2700 ohm

Estimated min/max tuning
capacitor values:
54.4166.33  pF

Ld
56000 nH

Loop>

Rs
270 ohm

i

2N4416 L

2700 nH

?

8200 nH ?60.07 pFI I 470 pF

Figure 8-4 Schematic of a 20 MHz Clapp oscillator.

The =SuperStar=  computed open loop responses and matches are
shown in Figure 8-5. The terminating impedances are 100 ohms.
Notice the phase slope is steeper than the previous Colpitts which
is associated with the higher loaded Q. As before, the solid traces
are with high resonator inductor Q and the dashed responses are
with an inductor Q of 100. The higher loaded Q results in a more
significant gain loss for a given inductor Q.

8.4.1 Tuning

The Clapp is normally tuned with C3. The tuning characteristics
are quite different from those of the Colpitts. The cascade loop
gain remains relatively constant as the frequency is tuned lower
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s21- P21- Sll- s22-
18.9 19.4 19.6 19.9 18.9 19.4 19.6 19.9
0.11467 5.84652 3.78175 -0.lS4189 -9.90716 -10.643 -8.4203 -7.69703
70.3337 3.71141 -27.7468 -49.712 -1.16395 -7.60277 -3.02602 -0.938259

Q.L cc4

Figure 8-5 Loop responses and matches for a 20 MHz Clapp
oscillator.

by increasing C3. The frequency reaches a lower limit as C3
becomes large. When using varactors to tune the oscillator, this
effect can be used to linearize the frequency versus voltage curve,
since the capacitance change in varactors is generally greatest at
largest capacitance. Also, the RF voltage across C3 decreases as
C3 increases. This helps compensate for the problem of varactor
forward conduction when the resonator RF voltage swing exceeds
the tuning voltage (this occurs at lower frequencies).

With a capacitance ratio of 10 to 1, the tuning range is approxi-
mately 40% of the center frequency The tuning range can be
much wider if the inductance is tuned. An inductance ratio of 7
to 1 provides a tuning range of approximately 100% with the
resonator reactances  given.
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8.4.2 Output Coupling

The output is usually taken from the FET drain. The coupling
reactance for a 50 ohm load is 300 to 700 ohms. Refer to Chapter
2 for details on coupling techniques.

8.4.3 Circuit Vagaries

The drain choke in this circuit should have at least 50 times the
reactance of the resonator inductor. Caution must be exercised
in the selection of this inductor to make certain that it does not
series resonate. Parallel resonance in the drain choke is accept-
able, since it increases the effective reactance of the choke. At the
high end the recommended frequency range and with high-loaded
Q, the lead inductance of C2 can become troublesome. If the C2
lead inductance and capacitance resonate near or just above the
operating frequency, the effective reactance can be quite low. The
resulting high loaded Q can increase the resonator loss and the
loop gain can drop below unity

8.4.4 Operating Frequency

The JFET Colpitts and Clapp oscillators are best suited for
operation below 100 MHz. With typical VHF JFETs, at higher
frequencies the input impedance develops a negative real compo-
nent and the loop cascade becomes unstable. Careful device
selection and a series input resistor help manage this problem.

8.5 L-C Bipolar Transistor Oscillator

This L-C bipolar oscillator using a shunt-C coupled resonator is
an excellent choice for frequencies up to 500 MHz, perhaps higher.
It works well over a wide frequency range for a wide range of
operating conditions. Similar versions constructed with hybrid
amplifiers is studied next. SAW and bulk crystal resonator forms
of this basic configuration are studied later. The schematic of a
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300 MHz example is given in Figure 8-6. The open loop responses
and matches are given in Figure 8-7

A series resonator, L and C3, is coupled with shunt capacitors C1
and C2. When the reactance values of C1 and C2 are lower than
the input and output impedance of the transistor amplifier, the
phase shift of the resonator is approximately 180’ at the peak
amplitude response frequency The loaded Q with the reactance
formulas given below is about 22 through much of the frequency
range, but decreases with typical VHF/UHF transistors to about
12 at 500 MHz. The loaded Q of this configuration is readily
adjustable to higher or lower values. Increasing C1 and C2
increases the loaded Q. Increasing L and decreasing C3 also
increases the loaded Q. This degree of freedom in C3
when limited values of tuning varactors are available.

is helpful

r-l

Power dissipated in
33 mW Rc

.-_
2 IZOO  ohm

I Rf cc I

Estimated min/max  tuning
capacitor values:
2.527/4.848  pF

I 33 pF

I

33 pF
1
-

- -

Figure 8-6 Schematic of a 300 MHz L-C bipolar oscillator.
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Figure 8-7 Open loop responses and matches for a 300 MHz
L-C bipolar oscillator.

The element values are

Lx190
2nf

1
cl=-

4&f

8.23

8.25

8.26

Rf = 680 ohms 8.27

The impedance level of this configuration is near 50 ohms, so the
predicted open-loop gain and phase performance can easily be
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verified using a network analyzer. The impedance level is ad-
justable by proper design of the transistor amplifier. This is
discussed in more detail later.

8.5.1 Tuning

The frequency is tuned with C3 or L. The tuning bandwidth is
approximately 100% with a C3 capacitance ratio of 10 to 1. C3
begins to have little effect as it approaches the effective series
capacitance of C1 and C2. This is normally not a problem with
reasonable loaded Qs because C3 is less than C1 and C2. This
effect can be used to advantage to linearize the frequency versus
tuning voltage curve when using a varactor, if lower loaded Q is
acceptable. The tuning range is slightly improved when tuning
is done with the inductor, L.

The resonator behaves much like a single section filter. The
function of the coupling capacitors is to decouple the resonator
from the 50 ohm characteristic impedance of the transmission
path. A high loaded Q is obtained with reasonable inductor
values when shunt coupling capacitors are used. If a simple
series resonator with no coupling capacitors is used, the phase
shift at resonance is zero-degrees instead of 180’.

This configuration has a disadvantage when tuned. As the reso-
nant frequency is changed by tuning C3, the reactances of the
coupling capacitors change. This increases the loaded Q as the
frequency is tuned higher. Since the loaded Q is a function of
frequency, the loop gain tends to drop off as the frequency is
increased. This reduces the output power as the oscillator is
tuned higher. A modified configuration, which uses shunt cou-
pling inductors, eliminates this problem. It also increases the
tuning range when the tuning element is C3. However, minimum
inductor designs are generally less costly The use of coupling
inductors may be justified when wide tuning is required. The
coupling capacitors are simply replaced with inductors of the
same reactance. Mixing the coupling elements, with one capaci-
tor and one inductor, results in a zero-degree phase shift at
resonance.
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8.5.2 Coupling Capacitor Inductance

Relatively large values of coupling capacitors are used for high
loaded Q. At higher operating frequencies, the parasitic lead
inductance of these capacitors becomes significant. With only 1
nH of total inductance in the ground path, the 33 pF coupling
capacitors in Figure 8-6 resonate at 876 MHz, less than three
times the operating frequency of that oscillator. This is low even
for chip capacitors and is hopeless for leaded capacitors. Use of
several parallel capacitors helps manage this problem. Neverthe-
less, parasitic inductance typically limits the upper frequency of
high loaded Q oscillators of this type.

8.5.3 Controlling the Phase

Best performance is achieved when the open-loop gain crosses
zero-degrees near the maximum phase slope. This oscillator
configuration satisfies this condition well, through about 200
MHz, when using VHF/UHF transistors. Management of the
phase response may be required at higher frequencies. This is
discussed in detail in Chapter 2 and in the next example, the L-C
hybrid oscillator. The open-loop Bode response analysis of this
300 MHz example reveals that the phase zero crossing does not
occur at maximum phase slope. There is about 40’ of excess
phase. As a consequence, the gain margin is about 1.5 dB less
than the peak gain. These margins are acceptable. However, any
additional phase shift will begin to reduce oscillator perform-
ance.

A higher Ft transistor with less phase shift at 300 MHz helps this
problem. Decreasing the coupling capacitors from 33 pF to 18 pF,
and increasing the resonator inductance to 240 nH to retain the
same loaded Q, results in a more optimum design. C3 in this case
is reduced to 1.32 pF.
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8.5.4 The Bipolar Amplifier

The amplifier stage shown in Figure 8-6 and the responses in
Figure 8-7 includes a shunt feedback resistance of 680 ohms. The
shunt feedback tends to stabilize the amplifier by reducing the
low-frequency gain. It also reduces the input and output imped-
ance of the common-emitter configuration, providing a better
match to 50 ohms. This simple configuration is suitable for most
applications.

The dashed responses in Figure 8-7 are with the 680 ohm shunt
feedback resistor reduced to 270 ohms. This reduces the input
and output impedance (shift left on the Smith chart) and reduces
the loop gain.

The amplifier gain can be further reduced, the phase shift
brought closer to 180°, and the input and output impedance
brought closer to 50 ohms by including series feedback in the
emitter. Emitter degeneration also improves linearity and dis-
courages class-C oscillation conditions [5]. Equations relating
the gain and match of amplifiers with feedback are given in
Section 1.7.

Bipolar transistors are available for a wide range of applications
and operating conditions. The selection can be based on cost,
noise figure, special voltage and current requirements, output
power level, and so on. For example, if the transistor is selected
and biased for high power levels, the resulting oscillator output
level is high. Best noise performance is achieved by selecting a
device with low noise at relatively high collector currents and
operating the oscillator at a relatively high power level. Refer to
Chapters 3 and 4. Additional methods of biasing are given in
Chapter 5.

8.6 L-C Hybrid Oscillator

This oscillator is similar to the shunt-C coupled L-C bipolar
configuration with an MMIC (monolithic microwave integrated
circuit) amplifier is substituted for the bipolar amplifier. The
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active device is therefore slightly more expensive, but external
bias components are eliminated. The MMIC approach has sev-
eral advantages, including smaller size and operation to higher
frequencies. The schematic of a 600 to 730 MHz example using
a Mini-Circuits MAR2 is shown in Figure 8-8 and the open loop
responses and matches are given in Figure 8-9. The solid traces
are with the tuning capacitor at 1.85 pF (oscillation at 600 MHz)
and the dashed traces are with the capacitor tuned to 1.15 pF
(oscillation at 730 MHz). The loaded Q of the series inductor is
100.

Small and inexpensive hybrid and MMIC devices are available
from several manufacturers. Hybrids are constructed using film
or lumped elements on a small insulating substrate. The simplest
forms are a common-emitter bipolar with series and shunt feed-
back. A base-to-ground resistor and a collector choke may be
included for biasing [ 6 ] .  MMICs  are constructed using a semicon-
ductor substrate. The typical MMIC uses series and shunt feed-
back applied to a Darlington-connected transistor pair [7]. Using
two transistors, which has little cost impact on MMICs, increases
the gain- bandwidth product prior to inclusion of series and shunt

Power dissipated in Rd:
175 mW

Rd

MAR2 330 ohm

‘oop>-r-c-<!pF  = c2 ? >

I 15pF

I

15pF
1
-

Figure 8-8 Schematic of a 600 to 730 MHz L-C hybrid
oscillator.
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Figure 8-9 Open loop responses and matches for the 600 to
730 MHz L-C shunt-C coupled MMIC oscillator.

feedback. The resulting gain-bandwidth and input and output
matches are generally better than those of single-transistor hy-
brids.

Both hybrids and MMICs have internal bias networks. Applica-
tion of these devices typically requires only an output resistor
and/or choke to the supply and input and output coupling capaci-
tors. When the device operating voltage, Vd, and current, Id, are
given, the required output-to-supply resistance is

Dissipation is often significant in Rd. It is

PRd = I$ &j 8.29
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Some of the signal is also dissipated in Rd. The gain loss is given
by [31

RdZoss(dB) = 20 log ~
Rd+25

8.30

assuming that the device is matched well to 50 ohms. The loss
increases with decreasing Rd. If the loss is objectionable, an RF
choke may be added in series with Rd.

One factor that limits the upper frequency limit of this and the
L-C bipolar transistor oscillators is the transmission phase shift.
Ideally, the phase shift should be 180’. This shift, when combined
with a resonator phase shift of HO’, results in a cascade open-loop
phase shift of zero-degrees. The amplifier phase shift decreases
from 180’ at low frequency Table 8-2 gives the gain and phase
shift versus frequency for 10 dB gain amplifiers constructed using
a Motorola 2N5179  bipolar transistor with feedback, a Motorola
LT4785 bipolar transistor with feedback, several Mini-Circuits
MAR series MMICs,  a Motorola MWA220 hybrid, and an Avantek
MSA-0285 MMIC. The phase shifts of the 2N5179  and LT4785
amplifiers were determined by circuit simulation using =Super-
Star=. These amplifiers were designed using =SuperStar= to
determine the optimum values for the series and shunt feedback

Table 8-2 Gain and Phase Shift of Broadband Amplifiers

Device
2N5179
LT4785
MAR2
MAR3
MAR4
MAR6
MAR9
MSA0285
MWA220

Bias 100MHz
V mA G(dB) @
6 5 10.0 150°
8 25 10.0 175O
5 25 13.0 174O
5 35 13.0 174O
5 50 8.2 174'
4 16 20.1 171°
8 35 7.7 166O
3 55 12.6 175'
5 25 10.8 166'

500MHz
G(dB) +
6.0 92'

10.0 154O
12.8 156'
12.8 152'
8.2 156'

18.7 138'
7.4 159O

12.3 157'
11.4 104O

1000MHz
G(dB) @
4.5 6'

10.0 129O
12.5 131'
12.5 128'
8.1 135'

16.4 107'
7.3 142'

11.9 135O
9.4 -5O
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resistors. A peaking inductor was used to improve the 2N5179
amplifier phase and gain flatness.

The hybrid and MMIC devices are available for a wide range of
output levels. As discussed in Chapter 3, oscillator output level
is directly related to the output capability of the amplifier device.
Amplifier output power capability is proportional to 20 times the
log of the device operating current. An approximate relationship
for the power output at 1 dB compression is

PO (cZBm) = -24 + 20 log Ic 8.31

From this we see that the devices listed in Table 8-2 are suitable
for oscillator output levels of approximately -10 to +10 dBm.

As the phase shift departs further from 180’ the cascade phase
zero crossing departs further from the maximum phase slope.
This decreases the loop phase margin and noise performance of
the oscillator. It is feasible to add phase shift with a delay
network or transmission line until zero-degrees is achieved again.
However for a given delay the extra phase shift increases with
frequency Ultimately this reduces the oscillator tuning range.
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As the operating frequency is increased, oscillator phase noise
performance degrades. Oscillators with improved phase noise
require higher loaded Q. Higher loaded Q requires higher un-
loaded Q, and for L-C oscillators, this means increased inductor
physical size. There is an upper limit on inductor size before
distributed self-capacitance and stray capacitance to ground be-
come a problem. A potential solution to this problem is to use
distributed (transmission line) resonators which may be larger
and therefore have higher unloaded Q than inductors.

Recall from Chapter 8 that the maximum unloaded Q of inductors
as a function of frequency in megahertz is approximately

Q
3600- -

umax-  Tf
9.1

In practice this expression is optimistic at low frequencies and
pessimistic at high frequencies. Above several hundred mega-
hertz, higher unloaded Q can be obtained using transmission line
resonators. For a given volume, transmission lines have an
unloaded Q similar to that of inductors. However, transmission
lines at a given frequency can be physically larger than an
inductor. The upper frequency of transmission lines is limited by
high-order moding. The unloaded Q and upper frequency limit
for representative quarter-wave transmission line resonators are
given in Table 9-l. The transmission line unloaded Q and moding
frequency limits are computed using the physical model trans-
mission line program, =TLINE= [l], The unloaded Qs are with
copper or silver metallization and the stated dielectric material,
and include both conductor loss and dielectric loss.
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Table 9-1 Best unloaded Q and maximum frequency for
representative transmission lines

Construction
Q at

100 MHz
Q at Maximum

1000 MHz Freq. (GHz)

Coax, 50 R, Cu metal
0.141 -in.-OD semirigid, PTFE
0.25in.-OD, air
1 .O-in.-OD, air

Coax, ceramic loaded, Ag metal
0.156-in  profile, ~38.6
0.238-in  profile, ~~38.6
0.477-in  profile, ~~38.6

Microstrip, Cu metal
50 Q, 0.062-in.  thick, PTFE-glass

100 Q, 0.062-in.  thick, PTFE-glass
50 R, 0.025-in.  thick, alumina

Stripline, Cu metal
80 R, air, 0.5-in. ground to ground,
25-in.-wide, .062-in.-thick  bar

120 370 34
240 770 21
970 3100 5

200 300 2
250 400 2
500 1100 1

140 350 19
100 280 19
25 75 47

600 1900 10

A drawback of transmission line resonators is long physical
length at frequencies below several gigahertz. Loading a coaxial
line with a dielectric material reduces the physical length by the
square root of the relative dielectric constant. The length reduc-
tion is substantial with high dielectric constant materials. Mod-
ern materials with relative dielectric constants of 90 and higher
now have excellent temperature and loss characteristics.

A quarter wavelength coaxial resonator in air at 984 MHz is
approximately 3 inches long. When loaded with ceramic with a
relative dielectric constant of 38.6, a quarter wavelength resona-
tor is only 0.48 inches long. Above several gigahertz ceramic
loading results in resonators which are too short to be practical!

The loss in ceramic loaded resonators is primarily conductor loss.
The unloaded Q of the ceramic (the inverse of the loss tangent) is
typically higher than the unloaded Q due to conductor loss. The
optimum ratio of the coaxial outer to inner conductor diameters



Distributed Oscillators 215

for minimum loss is independent of the dielectric constant. How-
ever, the impedance is inversely proportional to the square root
of the dielectric constant. Therefore with high dielectric constant
materials the transmission line impedance is very low, typically
5 to 15 ohms.

It is important to recognize that the primary advantage of ce-
ramic loading is resonator length reduction. The unloaded Q of
these resonators is no higher than a longer non-ceramic resonator.
A second advantage is rigidity which can reduce oscillator acous-
tic (vibration) noise.

The unloaded Qs given in Table 9-1 are theoretical and safety
factors are not included. If loaded Qs approaching the unloaded
values are used the actual unloaded Q should be measured or a
safety factor should be applied.

Oscillators should be designed for loaded Qs of 10% to 70% of the
unloaded resonator value. Lower loaded Qs are selected for
higher output power or less critical applications. Higher loaded
Qs are selected for best phase noise performance. As the loaded
Q approaches the unloaded Q, the resonator loss becomes exces-
sive. This limits the maximum loaded Q and is the reason that
loaded Qs are seldom greater than 70% of the unloaded Q.

An additional factor limiting the maximum loaded Q is resonator
voltage in varactor tuned circuits. The voltage impressed across
a varactor coupled to a high Q resonator can be very high. This
is discussed in Chapter 2.

9.1 Negative Resistance UHF Oscillator

This oscillator is evaluated by negative resistance analysis. The
author feels this design approach offers less insight into circuit
behavior than does the open loop cascade analysis. However, the
one-port negative resistance method is particularly useful for
broad tuning VCOs in the UHF and microwave frequency range.
Fundamentals of negative resistance oscillator analysis are given
in Chapter 2.
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For this oscillator configuration, the transistor is operated com-
mon-collector. The resonator is a series-tuned base network con-
sisting of Ct and an inductor or transmission line for the positive
reactance element. The analysis is done by looking through the
transmission line. The oscillator is formed by grounding the
input port. This design is the basis of many commercially avail-
able VCOs.

This VCO works well to 2000 MHz using discrete components,
can be pushed to several gigahertz using hybrid construction
techniques. At lower frequencies capacitance must be added from
the base to emitter and the emitter capacitance must be in-
creased. Below a few hundred megahertz the L-C bipolar or
hybrid oscillator is recommended. The schematic for a 750 to
1150 MHz VCO is shown in Figure 9-l. The circuit file includes
Cc, a 1.5 pF capacitor to model load coupling at the emitter.

The Motorola MRF559 transistor is biased at Vce = 10 volts and
Ic = 25 mA. The grounded collector bias configuration used here

-

If you use an inductor for the T

Figure 9-1 Schematic of a 750 to 1150 MHz VCO.
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uses only three resistors and offers excellent stability However,
it required a negative supply when an NPN bipolar transistor is
used. To form the oscillator the point labeled “NegR”  is grounded.
The tuning voltage is applied to the varactor via a 4700 ohm
resistor. As discussed in Chapter 4, the thermal noise voltage
developed in this resistor will tune (modulate) the VCO and
degrade the phase noise. Because the RF impedance at the base
is low, the 4700 ohm resistor could be reduced somewhat to
decrease the noise voltage. The best performance is achieved by
replacing this resistor with an inductor.

The input reflection coefficient magnitude, CII, and angle, PII,
are given on the left in Figure 9-2. The solid curve that crosses
zero-degrees phase at 750 MHz is the phase of SII. The second
solid curve below the first is the magnitude of the input reflection

0 _, 8. _, o. _, o.

730 950 1200 700 950 12Oil

Cll- Pll- RIN - XIN-
700 750 1150 1200 700
1.01251 1.0163 3.78615 1.66834 -6.99779

%7114 1150 1200
-5.87552 -5.89841

-10.7941 -12.516 166.427 76.8356 -105.387 -90.6622 0.782995 10.746
CST

Figure 9-2 Input reflection coefficient magnitude and phase
(left) and the input resistance and reactance (right).
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coefficient. CII, plotted on a scale of 0 to 10, is 2.0. The input
reference impedance is 10 ohms. These solid curves are obtained
with the tuning capacitor Ct at 6 pF. When Ct is tuned to 0.6 pF,
the dashed curves are obtained. The phase of Cl1 crosses 180’ at
1150 MHz. The magnitude of Cl1 for this condition is 3.8. The
fact that oscillation occurs when the reflection coefficient phase
is either zero or 180’ is explained in Chapter 2. The formula given
there can be used to find the effective negative resistance and
reactance given the magnitude and angle of Cl1 and the 10 ohm
reference impedance. The resistance and reactance are plotted
on the right in Figure 9-2. Again the solid traces are with Ct at
6 pF and the dashed traces are with Ct at 0.6 pF. The sloped traces
are reactance and the flatter traces are resistance. The frequency
where the reactance is zero corresponds to the frequency where
the reflection coefficient angle is zero or 180’. The negative
resistance is approximately -30 ohms at the lower frequencies but
only -6 ohms at the higher frequencies.

The element values are determined using the following guide-
lines. First, the network effective input capacitance is deter-
mined using the techniques outlined in Section 2.18. The added
emitter capacitance is adjusted to the maximum value which
maintains ample negative resistance. C,ff ranges typically from
7 pF for VHF transistors down to 2 pF for UHF transistors but is
increased with larger values of emitter capacitance. The maxi-
mum value of the resonator capacitor or varactor is 1 to 3 times
C,s Smaller values are used for better phase noise and larger
values for better tuning linearity.

The transmission line characteristic impedance is then

270 =
1

2xfiCIlE!t tar&?
9.2

where

Get= 2f$,t e

ee = 45 to 7o”

9.3

9.4
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fi = lower operating frequency 9.5

Short transmission lines result in an impracticably high line
impedance. If the resulting line impedance is too high, a larger
C&t must be realized. This may require using a lower Ft transis-
tor, or adding a transformer as is done in the next oscillator type.
Line lengths greater than 70’ create problems on the high-fre-
quency end of the tuning range. Using a smaller value of resona-
tor capacitance solves this problem.

The loaded Q of negative resistance oscillators is typically less
than 5 and this circuit defies attempts at improving the Q. When
used as a broadband varactor-tuned VCO, the low loaded Q does
not limit phase noise performance significantly because varactor
modulation noise predominates, particularly at higher offset fre-
quencies.

9.1 .l Circuit Vagaries

Despite the popularity of this oscillator, it is touchy to design.
Performance is highly dependent on the transistor type. Certain
component values are critical. If the designer understands and
manages these vagaries, this oscillator is the best choice for UHF
broadband VCO applications.

The maximum useful capacitance value of Ct is limited by the
effective input capacitance, C,E Values of Ct greater than C,fdo
not further lower the operating frequency The unsuspecting
designer is left wondering why the tuning range is low. Increas-
ing the transmission line Z. and using a lower capacitance
varactor is one solution. The limited tuning range is often used
to advantage to improve the tuning linearity If the value of
varactor capacitance is selected properly, C,f naturally compen-
sates for the increased rate of change of varactor capacitance at
lower reverse bias.

This oscillator actually works best when lower Ft transistors are
used. The circuit can be envisioned as a series-tuned Clapp, with
internal transistor base-to-emitter capacitance and collector
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(ground)-to-emitter capacitance acting as a voltage divider. Mi-
crowave transistors with little internal capacitance do not work
well except at the high end of the useful range of this oscillator
type. Older and higher-power devices, such as the 2N3866,
2N5109,  and LT1001A, often work well. The MRF559 is often a
good choice. Higher Ft devices required increased capacitance
added at the emitter. Experimentation with device selection and
careful circuit simulation are strongly advised. At the low end of
the frequency range, adding external base-to-emitter capacitance
is sometimes necessary,

If bias conditions result in a emitter resistance below about 200
ohms, an RF choke may be required in series with the resistance.
This choke must be free of any resonances in the operating
frequency range.

9.1.2 L-C Resonator Form

A variation on this circuit is the substitution of an inductor for
the transmission line. This technique is used to reduce oscillator
size, and is often used in commercially available VCOs.  An L-C
resonator gives a broader tuning range for a given tuning capaci-
tance ratio. The inductor value is chosen so that the reactance at
the upper frequency limit is

XL = Z0 tan& 9.6

The frequency dependence of transmission lines greater than 20’
long is different from that of inductors, so the exact inductor value
is determined by circuit simulation or empirically

9.1.3 Output Coupling

The output can be taken from several points. The inductor or
transmission line can be tapped. As the tap is moved toward the
transistor, more power is coupled out. If the tap is too close to the
transistor, the loading reduces the oscillation margin, and the
operating frequency becomes more load dependent.
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The output can be taken by capacitive coupling at the emitter.
Because some additional capacitance at the emitter increases
Ce~ this is an effective method. However, too large a capacitor
loads the circuit and oscillation is extinguished. The reactance,
Xc, of the coupling capacitor is nominally 150 ohms or greater.

A third output coupling method is to add a low resistance in series
with the collector to ground. Fifty ohms is typical. The output is
then taken directly at the collector. This is a thermal disadvan-
tage since the transistor case is no longer connected directly to
ground.

Tapping the transmission line or inductor results in the lowest
level of output harmonics and gives a flat output level versus
frequency tuning. Taking power from the collector generally
results in high harmonic levels.

9.1.4 Advantages

Because the negative resistance oscillator uses a series-tuned
resonator, the varactor lead inductance becomes a part of the
resonator. This is an advantage over varactor-tuned oscillators
using parallel resonators. The base coupling capacitor induc-
tance and transistor base inductance are also absorbed.

The collector case of the transistor can be directly grounded,
which results in excellent thermal properties for this oscillator.
Since this circuit works well with power transistors (lower Ft),
this configuration makes an excellent power oscillator. Also, the
output level of this configuration is relatively flat with frequency
tuning.

The negative resistance VCO has been used in a configuration
that includes a frequency multiplier [2-4]. Push-pull and push-
push configurations are used to double and triple the oscillation
frequency, resulting in higher-frequency outputs with suppres-
sion of the fundamental. Winch [3] reported operation with 6 to
10 milliwatts of output from 14 to 17 GHz.
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9.15 Circuit Variations

Shown in Figure 9-3 is a common-collector VCO with a positive
supply voltage. This VCO uses back-to-back varactors in the
resonator. It requires the use of an additional resistor or inductor
as a ground return for the tuning voltage on the second varactor.
This reduces the voltage swing across each varactor. For a given
varactor capacitance it also reduces the total external series
capacitance by a factor of two which reduces the deleterious
effects of C,ff and requires a larger resonator inductance which
improves the loaded Q.

The voltage across the resonator in common collector VCOs is
reduced by reducing the emitter bias voltage. This VCO uses an
inductor at the emitter instead of a resistor to minimize the
voltage at the emitter. The lack of emitter resistance increases
the bias sensitivity to temperature variation. This is compen-
sated for in this VCO by deriving the base drive voltage for RI

680 ohm
R2

Neg AT41 586

Le
100 nH

Ce
5.6

- -

PF

Figure 9-3 900 - 1400 MHz common-collector VCO.
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and R2 after the collector resistor Rc. A potential increase in the
collector current drops the collector voltage which reduces the
base drive and counters the increased collector current.

Because Rc is larger than the 50 load resistance, most of the power
available at the collector is delivered to the load. The output level
and efficiency of this VCO is better than the previous VCO.
However, the load pulling is worse because of the tight coupling.

Harmonic energy is high at the collector. The second harmonic in
this VCO with a high Ft device such as the Hewlett-Packard
AT41586 is only a few decibels below the fundamental.

Shown in Figure 9-4 is another variation of the common collector
VCO. The output is taken from the resonator. A two-winding

Figure 9-4 Common-collector VCO with output coupling at the
resonator and output buffering.
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transformer with loss coupling (K=0.1 to 0.4) is used to keep the
50 ohm load from absorbing the negative resistance and killing
the oscillation. Coupling directly to the resonator also signifi-
cantly degrades load pulling performance so a Mini-Circuit
MAR2 MMIC buffer has been added.

The advantage of coupling at the resonator is excellent harmonic
performance. The second and higher harmonics are down 25 dB
or better with this configuration. This performance is achieved
because the resonator acts as a narrow filter which tracks auto-
matically with the oscillation frequency

9.2 Negative Resistance Oscillator with Transformer

The loaded Q of conventional negative resistance oscillators is
typically less than 5 and they defy attempts at improving the Q.
One method for increasing the loaded Q is to add a transformer
in the base network. The oscillator studied in this section uses
this technique.

The schematic of a 450 to 550 MHz example with a typical turns
ratio of 1 to 4 is given in Figure 9-5. Higher impedance ratios
further increase the loaded Q and C,ff,  but if the transformer ratio
is too high, transformer parasitics  make oscillator susceptible to
spurious oscillations. For a given resonator the loaded Q is
increased by the impedance ratio. The increased C,ff results in
a broader tuning range, particularly if the maximum value of the
varactor approaches the original value of C,f without a trans-
former. The ratio of the maximum to minimum frequency for this
oscillator approaches the square root of the varactor capacitance
ratio. Since this configuration is similar to that of the previous
oscillator, the comments in the preceding section apply Ri, and
Xin with Ct = 2.7 pF (solid curves) and Ct = 1.54 pF (dotted curves>
are given in Figure 9-6.

The element values are found using the guidelines given for the
previous oscillator type with C’,ff increased by the impedance
ratio. The higher Cef value of this oscillator with a transformer
generally results in more practical component values. However
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Rt

.2700  ohm

c o
Ce

6.8 pF

Figure 9-5 Common collector VCO with impedance
transformer.

the negative resistance is divided by the impedance ratio so loss
resistance must be managed more carefully.

9.3 Bipolar Cavity Oscillator

The schematic of a bipolar cavity oscillator [5] configuration is
given in Figure 9-7. The transmission line resonator is usually a
coaxial cavity A planar line such as stripline or microstrip can
be used, but C1 and C2 have a very low reactance and inductance
of the chip capacitors and the via hole to ground may be over-
whelming. Also, unless a thick substrate is used, the unloaded
Qs of stripline and microstrip are small.

The frequency is determined by the transmission line, C1, C2, and
Ct, and to a lesser extent by reactive loading of the coupling
inductors and the transistor. The transmission line length is just
over 90’ long. C1 and C2 have a very low reactance, which
decouples the transistor amplifier and results in a high loaded Q.
The design does not require the coupling inductors, L, but physi-
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Figure 9-6 Ri, and Xi, for the 450 to 550 MHz common
collector VCO with an impedance transformer.

cal construction without a method of dealing with lead inductance
is very difficult at UHF and microwave frequencies. One method
of construction for this configuration is shown in Figure 9-8. Cl
and Cz are realized using flat plates separated by dielectric
material, such as mica, Teflon, or another dielectric. The reac-
tances of Cl and C2 are very low, and construction using leaded
capacitors is generally unworkable. A possible exception is using
many capacitors in parallel for a lower-frequency oscillator. The
inductors LI and L2 must be near the cavity cold end to avoid
significant magnetic coupling via the loops formed by these
inductors. Output coupling is taken from the cavity via a mag-
netic loop as shown, or via capacitive probe into the upper end of
the cavity
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l- ?0.003768  pF

220 ohm Ct

Rb
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-
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Figure 9-7 High loaded Q coaxial cavity oscillator with a
bipolar amplifier.

9.3.1 Tuning

Narrow-band tuning can be accomplished using a trimmer screw
or manufactured piston protruding into the cavity at the end
opposite Cl and Cz. In the L-C designs studied earlier, the
resonator unloaded Q was determined primarily by the inductor,
with capacitors Qs much higher. With high unloaded Q cavities,
caution must be exercised when adding a tuning capacitor. A
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Figure 9-8 Construction of coaxial cavity bipolar oscillator.

small amount of tuning with a post rarely decreases the unloaded
Q. If wide bandwidth tuning is required, the best approach is to
adjust the length of the center conductor. If possible, threads
should be placed near the open end of the line, where RF currents
are lower. The adjusting screw mechanism is therefore within the
center conductor.

Electronic varactor tuning can be added, but if tuning over more
than a very narrow bandwidth is attempted, the stability is
lowered severely, and the justification for the use of a cavity is
questionable. The coaxial cavity oscillator is sometimes phase
locked to a reference for improved long-term stability In this
case, a varactor is used to tune the center frequency just enough
to overcome temperature and long-term drift in the resonator.
The high Q and power level typical in this oscillator result in high
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resonator voltages, another reason that varactor tuning band-
width is limited.

9.3.2 Example

The open-loop Bode response and matches for the 1100 MHz
oscillator in Figure 9-7 are given in Figure 9-9. The solid traces
are before optimization and the dashed responses are after opti-
mization. The original element values shown in Figure 9-8 were
found using the following relations with a loaded Q of 500.

L1 = Lp = 8x10-’ 9.7

1095 1lcJO 1105
s21- P21 - Sll- s22-
1095 1100 1100 1105 llal 1100 1105
-11.5007 IO.5545 10.5545 -7.24531 i%i37S -19.9992 -19.9992 -7.14463
86.7332 -a5199 -.ooo199  -82.1511 -a27021  -34.9601 -34.9601 -.072988

R R F L.Ll LU c.c, CST c.cz RRE

378.151 128306 9.35434 261.65 .0034no E5n78 B

Emc 1.346ti5eO7 Rand:  2396  Tue  “m 23 16:06:021994  OScBF58.BYP

F,HS,  FZ-Save  F30pl FCT- FkNcd FCEdit  F7 Turn::  5x F9

Figure 9-9 Open loop gain and phase responses (left) before
optimization (solid) and after optimization (dashed). The
matches are given on the right.
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9.8

cl = 4c2 9.9

ee = 90 + tan-l z

where

f& = transmission line electrical length in degrees 9.11

60
XTRL = -

Q?
9.12

The phase zero crossing can be adjusted toward the maximum
phase slope by adjusting Ll and L2. A disadvantage of this
configuration is the difficulty of verifying the design by measure-
ment. Although Sll and S22 are near 50 ohms, it is physically
difficult to gain access to the network with connectors.

The original element values were optimized in =SuperStar= to
the objectives listed in Figure 9-10.  Also listed is the =SuperStar=
Window block which specifies the desired parameters to plot and
the desired sweep frequency

The original gain margin in Figure 9-9 is 12.5 dB. This is more
than necessary so the objective is to increase the phase slope
(which increases the loaded Q) by optimizing for a higher group
delay at the expense of gain if required. Although the match was
originally acceptible,  improved matches were also requested.
Finally the phase was optimized to zero-degrees at the desired
oscillation frequency, 1100 MHz. The results after optimization
are given as the dashed responses in Figure 9-9. The final
element values are listed at the bottom on the computer screen
in Figure 9-9. The final phase slope is approximately lOO’/MHz
which corresponds to a loaded Q of 960.

Loss associated with finite transmission line resonator Q was not
included in the TRL element in this analysis. To avoid the loop
gain from falling below unity, the unloaded line Q must be several
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GPH S21 0 15
GPH P21 -180 180

SWP 1095 1105 101

1100 1100 S21>8 P21=0 Sll<-20 S22<-20 DLY>3OO WDL=.OOl U21=.001

Figure 9-10 =SuperStar=  output display specifications and
optimization goals for the coaxial cavity oscillator.

times greater than 960. The unloaded Q of a coaxial cavity with
an outer diameter of 1 inch is over 3500.

9.4 Hybrid Cavity Oscillator

The bipolar cavity oscillator is economical of materials, but it has
the disadvantage of being difficult to verify by measurement.
Because the transistor is embedded in or adjacent to the cavity,
there is not a convenient point for opening the loop and measuring
the Bode response. The hybrid cavity oscillator shown in Figure
9-11 consists of separate amplifier and resonator sections which
may be tested individually or in cascade. The amplifier and cavity
resonator may each have their own RF connectors. This high-per-
formance oscillator can therefore be built from prepackaged con-
nectorized components. The additional electrical length
associated with the component packages and connectors is dealt
with by adding a section of 50 ohm transmission line until the
phase shift returns to zero-degrees. This limits the tuning band-
width somewhat, but a tuning bandwidth of 50% is readily
achieved. This oscillator design has the distinct advantage that
each component can be independently specified, tested, and opti-
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Figure 9-11 Coaxial cavity oscillator with an MMIC amplifier.

mized. The designer is left with an excellent characterization and
understanding of oscillator behavior.

The open-loop Bode response and matches for the 810 MHz
oscillator are given in Figure 9-12. The well-matched character
of the Mini-Circuits MAR3  MMIC is evident from CII and Czz.
In this case, a 140’ length of transmission line is required to
return the phase shift to zero-degrees. The frequency is tuned by
the same methods as those discussed for the bipolar cavity
oscillator.

Suggested element values are

c1Z32X;-3QL~

Oe = 90 + tan-l z

9.13

9.14

where
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8cKl 810 820

s21 - P21- Sll- S22-
E3231 810 12.5784 810 12.5784 -El009 -Fi4583 %i!m -22.3038 810 -7.60453 a20

91.1845 -003164 -.003164 -82.26 -DO0553 -19.8494 -19.8494 -0.12041
L.Tl.1 CST

Figure 9-12 Open loop gain and phase responses (left) and
matches (right) for a coaxial cavity oscillator with an MMIC
amplifier.

ee = transmission line electrical length in degrees 9.15

X
50

TRL = -
QZ2

9.16

Although this oscillator is identified as an MMIC cavity oscillator,
the same technique can be applied to oscillators using other active
device forms. Any type of amplifier can be used. The technique
is simply a direct application of the fundamental process of
designing oscillators by analyzing the open loop response.
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SAW Oscillators

High-Q oscillators up to 200 MHz are built using bulk quartz
crystal resonators. For UHF and microwave frequencies, trans-
mission line and cavity oscillators offer higher Q than L-Cdesigns,
but they are larger SAW resonators fill the need for small high-
loaded-Q oscillators in the frequency range 200 to 1,200 MHz.
Typical unloaded Qs are 6,000 to 12,000.

SAW resonators are commercially available in both two-terminal
and two-port forms. As with bulk quartz crystals, tuning is
difficult. The operating frequency is set at the time of manufac-
ture, so SAWs must be tooled and stocked for each oscillator
frequency requirement.

The shunt capacitance, Co, of SAW resonators is proportionally
smaller than the parallel capacitance of bulk crystal resonators.
Therefore, the SAW oscillation frequency can be pulled farther.
This advantage is somewhat mitigated by the fact that the initial
tolerance and stability are poorer, and often a significant portion
of the pulling range is required just to “net” the oscillator fre-
quency Additional information on SAW resonators is given in
Section 2.15. Three different oscillator configurations using SAW
resonators are considered next.

The bipolar SAW oscillator uses a common-emitter amplifier
configuration and a two-terminal SAW resonator. It is a cost-ef-
fective design. The hybrid and dual-gate MOSFET oscillators use
two-port SAW resonators. The hybrid SAW design results in an
excellent characterization of oscillator performance and is the
best choice if frequency pulling is required. The dual-gate MOS-
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FET design has had widespread application, and can be used with
0’ or 180’ resonators by reversing the transformer leads.

10.1 SAW Bipolar Oscillator

This oscillator uses a two-terminal 180’ SAW resonator cascaded
with a simple common-emitter bipolar amplifier. The schematic
for a 637 MHz oscillator is shown in Figure 10-l. Similar circuits
are found in several references [1-3].

Suggested element values are

C3=L
66xf

10.1

10.2

R
?15 ohm

Power dissipated in Rc:
83 mW

RC

470 ohm
Coupling

I I I

680 ohm
Rf

co
I I

>
27000 ohm

1.78 pF
I, I, ,I MRF901

c 3  _  Rm Lm Cm _  c 2
?7.5 pF T

I I T ?3.9 pF
30 ohm 67460 nHO.00O925 DF

1
-

SAW RESONATOR

Figure 10-l A 637 MHz two-terminal
common-emitter bipolar transistor.

SAW oscillator using a
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10.3

The characteristic impedance is approximately 50 ohms. The
phase response zero crossing is adjusted using the inductor, L. C3
and C2 adjust the loaded Q, with increasing capacitance increas-
ing the loaded Q. Adjusting the ratio of C3 and C2 may yield an
improved match of S11 and S22 to ZO.

The open-loop Bode response is shown in Figure 10-2. The phase
response has two zero crossings. This characteristic is a result of
Co of the SAW resonator. The phase zero crossing at the higher
frequency occurs near the SAW parallel resonance where there is
little transmission and therefore poses no threat as an oscillation
frequency ambiguity. Notice the oscillation frequency (marker 3

636.5 637 637.5
s21- P21- Sll- s22-
636.5 EL04 637.17 637.5 636.5
2.46257 7.30117 -3.17125 -5.71629

z7029 637.17 637.5
-12.416 -5.56916

70.943 60.2439 -3.44709  74.0796 -5.76267 -5.63999 -9.00016 -6.24671
RR L.L C.U C,CZ

15 7.5 7.9 3.9

Erm  II Rod 0 “on Dee 05 1634% 1994 OSCElF*I.SM

Fltl,p  Fzsave  FIDpl FCTwle Fwhl F8fdl F7 Time:  5% F9

Figure 10-2 Open loop gain and phase responses (left) and
matches (right) for the 637 MHz two-terminal SAW oscillator.
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at 637.17 MHz is higher than the resonant frequency of the SAW
(637.127 MHz).

Temporarily modifying the simulator file to plot the group delay
yields a value of 2200 nS. This corresponds to a loaded Q of 4404.
The unloaded Q of the SAW resonator (XL,~/&) is 9002.

This oscillator can be temperature compensated by tuning C2
with a varactor driven by a temperature-dependent voltage
source. The temperature stability of the SAW oscillator is im-
proved by almost an order of magnitude [3] using this technique.
SAWs, as well as bulk crystal resonators, have a frequency versus
temperature curve with a “turnover” temperature point where
the temperature coefficient is zero. The turnover temperature is
a function of the crystal cut. Typical SAW oscillator Q, tempera-
ture stability, aging, and initial manufacturing tolerance are
about an order of magnitude worse than those of bulk crystals.

10.1 .l Output Coupling

Output is normally taken from the collector. Fairly tight coupling
can be used such as a coupling reactance of 100 ohms. If tight
coupling is used, the coupling reactance and load should be added
to simulate the effect of the loading on the gain margin. More
stable operation is obtained with somewhat looser coupling. The
output can be taken at C3 for lower harmonic levels, but looser
coupling should be used.

10.2 SAW Hybrid Oscillator

This oscillator uses a two-port zero-degree SAW resonator. As
with the hybrid cavity oscillator, a transmission line section is
added to adjust the open-loop phase-response zero crossing so
that it occurs at maximum phase slope. This oscillator, as with
the L-C hybrid oscillator, consists of individual elements, each of
which is well matched to 50 ohms. Therefore, performance veri-
fication by measurement of open-loop parameters is straightfor-
ward. The schematic of a 300 MHz SAW oscillator of this type is
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shown in Figure
is 94’ long.

10-3. The added transmission line in this case

10.2.1 Tuning

The center frequency may be tuned slightly with the input induc-
tor, L. A more effective tuning method is adjustment of the
transmission line phase length. A meander line is trimmed, or
an electrically tunable phase shift network is used. Consider
Figure 10-4. The open loop-Bode response is given for the 300
MHz SAW oscillator with the nominal transmission line length
of 94O.

In Figure 10-5, the length of the transmission line cascaded with
the amplifier and resonator is adjusted from 149 (solid curves) to
39 (dashed curves). The oscillation frequency as predicted by the
phase zero crossing ranges from 299.94 MHz to 300.06 MHz.
Notice that neither the gain (on the left) or the group delay
responses (right) change with transmission line length. Because
of this, the gain margin at 299.94 MHz (marker 2) is only 1.7 dB
and the gain margin at 300.06 MHz (marker 3) is only 2.3 dB.

Y
Power dissipated in Rd:
75 mW

Ld

270 nH

Rm Lm 0.000561 pF

w ”105 ohm
I II

Rd

120 ohm

3.3 pF

I

-r?~;~

-
f:: pF 50 ohm

?94”
2.07 pF - 2.07 pF -

-
SAW RESONATOR

-

Figure 10-3  Two-port SAW oscillator using a Mini-Circuits
MMIC amplifier.
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Figure 10-4 Open loop gain and phase responses (left) and
matches (right) for the two-port SAW oscillator.

Wider tuning results in inadequate gain and loss of oscillation.
With less gain margin less output level is expected as the fre-
quency is tuned above or below the nominal frequency

The group delay at the nominal frequency (marker 8) is 3720 nS.
This corresponds to a loaded Q of 3506. The group delay (and
therefore the loaded Q) at the tuning extremes is one-third the
group delay at the nominal frequency This is a direct conse-
quence of operating off the peak slope of the loop phase response.
Since the phase noise performance is proportional to the loaded
Q squared, a drop of approximately 10 dB in the phase noise
performance at these tuning extremes is expected.

When the resonator frequency is tuned, as with L-C and cavity
resonators, the peak delay tracks with or near the phase zero
crossing and the loaded Q does not degrade with tuning. SAW
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Figure 10-5 Open loop gain and phase (left) and group delay
(right) with the transmission line length adjusted from 149
(solid) to 39 (dashed).

and bulk crystal resonator element values are set at the time of
manufacture, and pulling the frequency of these oscillators by
tuning external elements results in lower loaded Qs.

10.2.2 Element Values

Suggested element values are

c = (Rr - qM
2nf(Rm  + 30)

If C > Co, then C1 = C - Co, else C1 = 0

10.4

10.5
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c2=c1 10.6

L = @I? + 30)(% - 11%
2J$%

10.7

8e = 115” - O.O67~1O-~f 10.8

where

The characteristic impedance is approximately 50 ohms. The
loaded Q is adjusted with Cl and Cz. Increasing Cl and C2
increases the loaded Q. Increasing CI and C2 also increases the
operation frequency slightly, reduces the loop gain, and reduces
the required length of the transmission line.

Decreasing the inductor, L, increases the loaded Q. L can also be
used to adjust the input match, Sll. Decreasing L increases the
required transmission line length.

10.2.3 Output Coupling

Output is normally
remarks on coupling
this configuration.

taken at the output of the MMIC. The
in the SAW bipolar oscillator also apply to

10.3 SAW Dual-gate FET Oscillator

One of the more common SAW oscillators uses a dual-gate MOS-
FET [2, 4]1. The schematic for a 950 MHz oscillator is given in
Figure 10-6. The open-loop response and matches for this
oscillator are given in Figure 10-7.

The series resonant frequency of the SAW used in this example
is 949.836 MHz. As can be seen, the Bode phase response zero
crossing occurs at 950.02 MHz, 184 kHz higher. Adding shunt
capacitors to ground at the input and output of the SAW resonator
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Figure 10-6 950 MHz SAW oscillator with a MOSFET active
device.

pulls the operating frequency closer to the resonant frequency of
SAW and increases the loaded Q. Unfortunately, it also decreases
the already low loop gain. The loaded Q computed from the 229
KHz 3 dB bandwidth of the gain response is approximately 4148.

The input impedance of MOSFETs  is capacitive with a high
resistive component. In this case an analysis reference imped-
ance of 1000 ohms. This makes verification of the loop charac-
teristics by network analyzer measurement more difficult.
However, adjustment of the reference impedance to the actual
value improves the match for computer analysis. Notice the
expanded polar plot of the loop matches in Figure 10-7 where the
radius of the chart is 20 dB return loss.
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Figure 10-7 Open loop gain and phase responses nef?)  and
matches (right) for the 950 MHz SAW oscillator using a
MOSFET device.

The capacitive component of the MOSFET input impedance is
tuned out with the inductor Li,. The output of the loop is also
capacitive which is tuned out with Lout.  In the final oscillator, Lin
and Lout  are combined to form a single inductor with a value equal
to the parallel combination of Lin and Lout. The inductor is split
for analysis to give a good match for S11 and Szz. The drain
transformer can generally be replaced with an inductor of high
reactance. The loop gain can be increased by reducing the reac-
tance of this inductor, but the loaded Q is reduced.

Historically, this oscillator has been constructed using a trans-
former, and the circuit is “tweaked” by adjusting the coupling of
the primary and secondary windings. Using a transformer has
the advantage that either a zero-degree two-port SAW resonator
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can be used, or by reversing the sense of the transformer, a 180
two-port resonator can be used.

10.3.1 Element Values

In the oscillators studied previously, a design independent of the
active device parameters was an important goal. This naturally
results in an oscillation frequency that is insensitive to device
variations and changes with time and temperature. It also sim-
plifies design and results in designs that work well with a wide
variety of devices. Oscillator designs with high unloaded Q
resonators such as SAW and bulk quartz crystal require less
device independence.

The element values and the optimum analysis impedance of the
MOSFET SAW oscillator are significantly affected by device
parameters. To find element values, the MOSFET input and
output admittances, Yin and Y&t,  are determined. The admit-
tances can be read from data sheets or computed from S11 and
s22.

If

Yh = Gin f jBin

then

2, is the Bode response analysis impedance. Then

L 20
Out = 2~~(2~~Z0Co  - Q)

10.10

10.11

10.12

10.13

where
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10.14

10.15

Yt = Bout + 27G 10.16

‘Rm + Gout
Rt=2 2 10.17

Gut + Yt

When these formulas are used the analysis is exactly matched to
ZO. Ideally, the oscillator is trimmed for maximum output by
adjusting the inductor, L, which is the final parallel combination
of Lin and Lout.. The oscillator is often trimmed by spreading or
compressing the transformer windings.

10.3.2 Output Coupling

The output is taken from the MOSFET drain. A high coupling
reactance is used to avoid loading the high impedance at the
drain. A coupling reactance of 300 to 500 ohms is typical.
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Quartz Crystal Oscillators

Oscillators using quartz crystal resonators are the epitome of
phase noise and stability performance. Marvelously high loaded
Q oscillators of small size and low cost are easily designed and
built using the quartz crystal. Crystal oscillators were invented
in the 1920s [1]. By the 1930s, several designs had been published
and patented. Crystal resonator and oscillator development was
intense during and after World War II. During the 1950s, the art
encompassed harmonic operation at VHF frequencies. Today,
crystals are a common component of nearly all consumer commer-
cial, and defense systems.

Crystal Oscillator Circuits [ 1 ]  is an excellent reference on crystal
oscillator design. It contains a plethora of practical circuits, tips,
and techniques. The number of different crystal oscillator circuits
in use is phenomenal. In this chapter, five crystal-controlled
oscillators are studied which are representative of many available
choices. The first is the Pierce. The author recommends it as the
oscillator of choice for standard fundamental mode applications.
The second, a fundamental parallel mode Colpitts is included
with less enthusiasm because of its popularity The third example
is a high-performance crystal oscillator with excellent short-and
long-term stability characteristics. It was first proposed by Dris-
co11 and has been used in several variations. The fourth is a
Butler overtone oscillator useful for VHF applications. The fifth
oscillator, a Butler derivative, is operated at either fundamental
or overtone, and includes a built-in frequency multiplier. This
form includes improvements developed by the author.
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11 .I Pierce Crystal Oscillator

The Pierce is an excellent fundamental-mode-series resonant
crystal oscillator circuit. The bipolar transistor 15 MHz Pierce
oscillator shown in Figure 11-1 works well with AT-cut crystals
from about 600 kHz up to 20 or 30 MHz, the practical fundamen-
tal-mode limit. Other quartz crystal cuts can be used for frequen-
cies below 600 kHz. The Pierce can be designed to work with
overtone crystals by replacing Cl with a parallel resonant tank
to ensure operation at the desired overtone. R, Cl, the resonator,
and C2 form a selective phase shift network with approximately
180’ of phase shift. Unfortunately, the open-loop impedance of
this oscillator is greater than 50 ohms, so verification of the
open-loop gain and phase response is more difficult.

Power dissipated in Rc:
30 mW

Estimated oscillation
frequency:
15.0015 MHz

Bypass
1200 ohm

I+10000 pF
RC-
270 ohm

T >

2N5179

Figure 11-l A 15 MHz quartz crystal fundamental-mode
Pierce oscillator.



Quartz Crystal Oscillators 249

The Pierce oscillates just above the series resonant frequency of
the crystal. If necessary, the Pierce can be operated exactly at
series resonance by adding an additional R-C phase shift network
in the transmission path. The oscillation frequency approaches
the series resonant frequency as Cl and C2 are increased. A
capacitor may be placed in series with the crystal to tune the
oscillation frequency Decreasing the value of this capacitor in-
creases the oscillation frequency A large capacitance value re-
sults in the lowest possible oscillation frequency for given shunt
coupling capacitors. This frequency is slightly higher than the
crystal-series resonant frequency As the value of this series
capacitor approaches the crystal parallel capacitance, Co, the loop
gain falls off significantly Pulling is considered in detail in
Section 2.13.

11.1.1 Loaded Q

Shown in Figure 11-2 are the open-loop gain, phase and group
delay responses of the 15 MHz Pierce oscillator. The crystal
parameters used for this analysis were Co = 4.18 pF, Cm = 0.01275
pF, Lm = 8.83 mH and Rm = 27 ohms. The solid curves are the
responses with Cl and C2 values of 120 pF The open-loop gain
peaks just over 16 dB near the phase zero crossing at 15.0012
MHz (marker 3). The delay at f0 is approximately 3.8 x lo5 nS
which corresponds to a loaded Q of 17,900. The unloaded Q of the
crystal resonator computed by dividing the motional  inductor
reactance by the 27 ohm series resistance is 30,800. The loaded
Q is therefore 58% of the unloaded Q.

The dotted responses in Figure 11-2 result when Cl and C2 are
increased to 270 pF. The phase zero crossing is closer to the series
resonant frequency of 15 MHz. The loop gain drops to about 6 dB.
The delay increases to 4.87 x lo5 nS, which corresponds to a
loaded Q of 22,900. This is 74% of the unloaded Q.
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Figure 11-2 15 MHz Pierce crystal oscillator open loop gain
and  phase responses (left) and group delay (right) with 120 pF
shunt coupling capacitors (solid traces) and 270 pF coupling
capacitors (dashed traces).

11.1.2 Element Values

The nominal value of Cl and Cz is

c1=c2=
2000 x lo-l2

l+ 10-6f

R and R, are then
n

11.1

11.2
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11.1.3 Dissipation

The transistor should be biased at a quiescent power level of 10
mW or less to avoid damage to the quartz resonator. For best
aging characteristics, the power level should be much lower than
this. Refer to Section 2.12. The voltage across the crystal in this
circuit is about 0.2 to 0.6 volt peak to peak for Vce  = 5 volts and
Ir, = 1 to 2 mA. This bias is suitable for best phase noise perform-
ance. As the oscillator power level is reduced to improve aging
characteristics, it often becomes necessary to add a buffer to
amplify the oscillator output. The lower oscillator power level and
the buffer both increase the phase noise at larger carrier offset
frequencies.

The resistor R is sometimes not included in the Pierce oscillator.
This increases the loop gain, but it also significantly increases the
dissipation in the crystal. When R is excluded, the transistor
quiescent power level should be 1 mW or less to avoid possible
crystal damage.

11.2 Colpitts Crystal Oscillator

The Colpitts crystal oscillator is a parallel resonant circuit for
fundamental-mode crystals. The bipolar transistor amplifier is
an emitter follower and voltage gain is developed by a capacitive-
tap impedance transformer. A 5 MHz example is shown in Figure
11-3. The series combination of Cl and C2, in parallel with the
effective transistor input capacitance, form the crystal loading
capacitance. The crystal parameters used for this analysis were
C, = 4.18 pF, Cm = 0.01275 pF, Lm = 79.5 mH and Rm = 45 ohms.

11.2.1 Limitations

The gain and phase responses (left) and matches (right) are given
in Figure 11-4. Notice the presence of two phase zero crossings.
The zero crossing at the lower frequency (marker 2) occurs at the
series resonant frequency of the crystal and the gain is well below
unity so it does not represent a oscillation frequency ambiguity
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Loop

F’igure 11-3 Schematic of a 5 MHz Colpitts crystal oscillator.

Unfortunately, the phase slope at the desired zero crossing
(marker 4) is lower than the maximum phase slope (marker 3).
This problem is difficult to correct in the Colpitts crystal oscillator.
It is a fundamental performance limitation of this configuration.
Also examination of S11 and S22 on the right in Figure 11-4
reveals poor input and output matching.

Although this circuit is simple and economic of components, the
operation mode is fairly complex. The transistor operates in the
active region during a small fraction of the oscillation period;
therefore, crystal loading is dynamic. For these reasons, the
Pierce crystal oscillator is a preferred circuit. The Colpitts crystal
oscillator circuit is included here because of its widespread use.

The Colpitts crystal oscillator may be netted by adjusting Cl or
by placing a reactance in series with the crystal. Because of the
difficulty of retaining phase slope at the phase zero crossing, the
Pierce crystal oscillator is a better choice when substantial pull-
ing is required.
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Figure 11-4 Open loop gain and phase responses (left) and
matches (right) for the 5 MHz Colpitts oscillator.

11.2.2 Element Values

Nominal values are

c2 =
6oclo  ad

f
11.3

11.4

where

Cload = desired crystal load capacitance 11.5

The load capacitance is generally specified as 32 pF, or perhaps
20 pF at the higher end of the frequency range. The best analysis
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impedance is approximately 100 ohms, although 50 ohms may be
acceptable at the higher end of the frequency range.

The emitter resistor is generally large because the emitter cur-
rent is low to avoid excess dissipation in the quartz crystal.
Therefore, it is seldom necessary to add an emitter inductor.

11.2.3 Comments

The Colpitts crystal oscillator configuration requires a high crys-
tal load resistance, particularly at lower frequencies, where the
crystal resistance is higher. For operating frequencies lower than
about 1 MHz, a JFET should be substituted for the bipolar
transistor.

The high crystal load resistance requirement dictates that RI, R2,
and Lb be as large as possible. RI in parallel with R2 should be
at least 12 kL& and preferably greater. The common node of these
components should not be bypassed.

11.3 High-Performance Crystal Oscillator

The crystal oscillator configuration shown in Figure 11-5 is due
to Driscoll [2]. Although more complex than single-stage crystal
oscillators, it exhibits excellent performance characteristics. All
resistors in the circuit except Rg are bias resistors. &I stabilizes
the common base transistor. The configuration is a cascade
amplifier with the crystal in series with the emitter of the input
common-emitter transistor, &I. The high-impedance output of
the common-base output transistor, Q2, is transformed down to
the moderate input impedance of &I via the phase shift network
consisting of Cl, L, and C2. Driscoll described two similar con-
figurations of this oscillator. The configuration given here avoids
the use of a tapped inductor.
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Lc

I T T T VZI,
330000 nH 3960  -ohin

Figure 11-5 Schematic of the Driscoll high-performance
crystal oscillator.

11.3.1 Performance

The excellent performance of the Driscoll crystal oscillator is
attributable to:

(a) High loaded-Q

(b) Limiting in a second stage isolated from the crystal

(c) Moderate power level with low crystal dissipation

High loaded Q is critical to low-noise oscillator performance. The
emitter of the grounded base transistor presents a low impedance
to the collector of the first transistor which lowers the effective
resistance in series with the crystal. This maximizes the cascade
loaded Q. The majority of the resistance in the emitter of &I at
resonance is the series resistance of the crystal. Therefore, the
loaded Q of this oscillator approaches the unloaded Q of the
crystal.
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The bias current in Q2 is set at a fraction of the current in &I. As
oscillation builds, limiting first occurs in Q2, and Q1 remains in a
linear active mode. Since Q1 never saturates or cuts off, the load
impedance presented to the crystal remains low for the entire
oscillation period. Linear operation of the sustaining stage mini-
mizes up-conversion (modulation) of the baseband noise on the
carrier.

As discussed ‘earlier, the requirements of moderate power level
for best phase noise performance and low crystal dissipation for
best aging characteristics are conflicting requirements. The Dris-
co11 crystal oscillator provides a moderate power level, typically 3
to 6 dBm,  with low crystal dissipation, typically 50 to 100 pW.

11.3.2 Low-Frequency Overtone Crystals

The highest unloaded crystal Q in the HF region (2.5 to 15 MHz)
is achieved by using a lower-frequency quartz crystal and oper-
ating at the third or fifth overtone. The resulting series resistance
is greater but the motional  inductance is increased significantly
and more than compensates for the higher resistance. The higher
series resistance is an advantage with the Driscoll oscillator since
a given effective series resistance in Q1 will degrade the unloaded
Q even less.

A typical high-precision 5 MHz fifth-overtone crystal resonator
in a vacuum-sealed glass holder might have a resistance of 120
ohms and a motional  inductance of 8 henries. This is an unloaded
Q of over 2 million. A more economical 5 MHz fundamental-mode
crystal might have a series resistance of 35 ohms, a motional
inductance of 110 mH, and an unloaded Q of about 100,000.

11.3.3 Example

The open loop responses of the 5 MHz Driscoll oscillator given in
Figure 11-5 are given in Figure 11-6. The gain and phase are
given on the left and the group delay is given on the right. The
sweep frequencies are from 4.999975 to 5.000025 MHz or which
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Figure 11-6 High-performance 5 MHz Driscoll oscillator gain
and phase responses (left) and group delay (right).

is only 5 Hz per division! This exceeds the display resolution of
the =SuperStar=  simulator program which indicates start and
stop frequencies of 5 MHz. However, the resolution of crystal
parameters in =SuperStar=  is approximately one tenth of a part
per million which is more than adequate for analysis of crystal
circuits.

The capacitor Cl has been tuned so that the phase zero crossing
occurs near the maximum phase slope. Notice that the gain peak
occurs at the maximum phase slope and that the phase zero
crossing (oscillation frequency) is at the series resonant fre-
quency The open-loop gain at the phase zero crossing is about 10
dB. The open-loop analysis includes a 50 ohm output load coupled
to the limiting stage collector via a 47 pF capacitor. This is fairly
heavy coupling considering the high impedance at the collector of
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a common base bipolar. This reduces the gain margin several
decibels.

The crystal used in this example has the following parameters:

overtone = 5 11.6

Rs = 120 ohms 11.7

Lm = 8 henries 11.8

Cm = 0.0001266515 pF 11.9

Co=5pF 11.10

The series resonant frequency, computed from Lm and Cm, is
4.9999996 MHz. The unloaded crystal Q is

Q,+ = 2.09 x lo6
S

11.11

The group delay displayed on the right in Figure 11-6 is .128
seconds (1.2838 nS)! The loaded Q computed from the group
delay is

Q+ = 2.01 x lo6 11.12

which is 96% of the unloaded Q. This Driscoll oscillator circuit
realizes a loaded Q nearly equal to the unloaded Q of this low
frequency fifth overtone crystal and achieves phenomenal loaded
Q.

11.3.4 Element Values

The elements L, Cl, and C2 transform the high-impedance output
of the common-base stage Q2 to the lower input impedance of &I.
Nominal values are

1
cl=-

5007cf
11.13
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11.14

11.15

The Q of this network is moderately high and the network must
be tuned. Cl, or a portion of Cl, is a trimmer capacitor. Alterna-
tively, L may be tuned. The total capacitance at Cl includes
capacitive loading from the output coupling network. CI is there-
fore reduced by the parallel equivalent capacitance of the output
coupling network. The values given above are approximate, and
it may be necessary to adjust these values during circuit analysis
to achieve optimum results.

The emitter resistance of &I should be at least 200 ohms. The
inductor in series with this resistor should have a reactance of
about 10 times the resistor value.

11.3.5 Frequency Pulling

The frequency can be adjusted with variable reactance in series
with the crystal. An inductive reactance lowers the oscillation
frequency, and a capacitive reactance increases the operating
frequency A series L-C network provides netting of the frequency
both up and down. The pullability is very low because of the
extreme Q. The circuit above is pulled up in frequency approxi-
mately 7 Hz with a 36 pF capacitor in series with the crystal. This
lowers the loop gain about 2 dB, assuming a capacitor Q of 800.
An 18 pF capacitor pulls the frequency approximately 13 Hz with
a decrease in loop gain of about 4 dB. These frequency pulling
figures were determined by modifying the simulation program
circuit file to include a series capacitor with a Q of 800.

11.3.6 Phase Noise

The phase noise performance of the high-performance crystal
oscillator is outstanding. Driscoll published the SSB phase noise
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for a similar 5 MHz oscillator using a third overtone BT-cut quartz
crystal resonator. The reported phase noise is plotted in Figure
11-7. The bias levels for this oscillator were Ic = 10 mA and Vce
= 9 volts for &I and & = 0.5 mA and Vce = 9 volts for Q2. The
reported output power level, taken via a coupling capacitor at the
collector of Q2 was 4 dBm. The SSB phase noise was approxi-
mately -147, -152, -160, and -166 dBc/Hz  for offset frequencies of
100,300, 1000, and 10,000 Hz respectively

The power level of a single-stage near-class-A oscillator is gener-
ally less than 25% (the maximum efficiency of class-A amplifiers)
of the quiescent dc power level. The signal power level in the
sustaining stage, &I, is well below 25% of the quiescent dc power
level because limiting in the output stage, Q2, reduces the drive
to &I.

-100

-160

-180 I I 1
I I t

100 300 1000 3000 10000 30000100000

fm - BASEBAND OFFSET FREQUENCY (Hz1

Figure 11-7 Phase noise performance of the Driscoll oscillator.
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The SSB phase noise reported by Driscoll is consistent Leeson’s
equation and varactor modulation noise with the following
oscillator parameters:

frequency = 5 MHz 11.16

&I > l,OOO,OOO 11.17

flicker corner = 8000 Hz 11.18

NF=5dB 11.19

sustaining stage signal power = -6 dBm 11.20

The crystal dissipation in the circuit reported by Driscoll was 85
VW, which suggests good aging performance. Typical single-stage
crystal oscillators with a restricted power level to retain good
aging performance typically have ultimate S/N ratios at least 10
dB worse than the -166 dBc/Hz  reported by Driscoll.

11.3.7 AM-to-PM Conversion

A premise of oscillator design based on the linear open-loop Bode
response is that limiting has a small or predictable effect on the
phase shift of the amplifier. Driscoll gave the measured open-loop
phase versus input drive level for the cascade amplifier used in
the high-performance oscillator. Only about lo of phase change
was measured from linear operation to over 17 dB of gain com-
pression.

11.4 Butler Overtone Crystal Oscillator

The Pierce and Colpitts crystal oscillators can be operated on an
overtone of the crystal resonator. The oscillator should be modi-
fied to ensure operation on the desired overtone. For example, Cl
in the Pierce circuit is changed to a parallel L-C resonant at just
below the desired overtone frequency The net reactance is there-
fore capacitive at the desired overtone frequency The reactance
of the parallel L-C is sufficiently low at the fundamental and
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other overtone frequencies to discourage oscillation on the incor-
rect frequency

A common collector 120 MHz Butler 7th overtone crystal
oscillator is shown in Figure 11-8. This configuration is a popular
and effective overtone crystal oscillator. The author feels this
configuration is less temperamental than the common-base ver-
sion of the Butler. The amplifier is an emitter follower. The
crystal resonator is driven by the emitter and is coupled to the
higher-impedance base via a capacitive tap. The inductor, L,
resonating with Cl and C2 and the transistor input capacitance,
ensures operation on the desired overtone.

The Bode response and matches for the 120 MHz example are
given in Figure 11-9. The open-loop gain, after tuning of L, is
approximately 5.7 dB. Both S11 and S22 on right of center on the
Smith chart indicating the input and output impedances are

R2
2N5179

430 nH

L $1

OVERTONE = 7
RmF93
Lm = 6.76557 mH
Cm = 0.00026 pF
Co = 4.18 pF

Figure 11-8 Schematic for a 120 MHz Butler overtone
oscillator.
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Figure 11-9 Bode response and matches of the 120 MHz
Butler oscillator.

higher than 50 ohms. Changing the analysis reference imped-
ance to 120 ohms reveals the loop gain is closer to 8 dB.

11.4.1 Pulling

The frequency is pulled slightly by tuning L. This also adjusts
the offset of the phase response and the gain margin. Small
amounts of netting may be accomplished this way, but larger
deviations should be accomplished by reactance in series with the
crystal.

The pullability of crystals is inversely proportional to the square
of the overtone. Therefore, overtone oscillators are not a good
choice when large deviations are required.
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11.4.2 Circuit Tips

Higher loss resistance in overtone crystals, lower gain margins
for VHF operation, and parasitic component effects conspire to
make overtone oscillator design more critical than fundamental-
mode oscillator design. A few circuit tricks applied to the Butler
considerably tame the temperamental nature of overtone oscilla-
tors.

Notice that the topology is similar to that of the negative resis-
tance VCO oscillator, Excluding the crystal, the grounded collec-
tor and floating emitter suggest that a series-tuned circuit on the
base would invite oscillation. Indeed, inductance associated with
the base lead of Q1 and the leads of Cl and C2 form a series L-C
to ground. The resonant frequency is generally in the VHF region,
and parasitic oscillation frequently occurs in the region 200 to
800 MHz. This problem can be eliminated by placing a resistor
in series with the base. This resistor absorbs the negative resis-
tance associated with the undesired mode but has little effect on
the desired Butler mode because of the high input impedance at
the base of &I. A value of 27 to 68 ohms generally works well.

Even with a capacitive tap at the input to &I, the open loop input
impedance can be very high. When L is tuned for a phase zero
crossing near the maximum phase slope, the input impedance is
often very capacitive. This situation can be improved by placing
a resistor in parallel with L. A value of 1800 to 3300 is recom-
mended. A smaller value reduces the gain margin but can be used
with high-gain transistors. A larger value has little effect.

The reactance of the Rm-Lm-Cm  arm of the crystal resonator
model becomes very large off-resonance, which would open the
feedback path of the Butler circuit and prevent oscillations.
However, the crystal parallel capacitance, Co, provides a feedback
path with sufficiently low reactance to be troublesome, particu-
larly for overtones of 5 or higher. Co has little effect near reso-
nance because of the low impedance of the crystal motional  arm.
As L is tuned off the crystal resonant frequency, oscillation can
occur at the resonant frequency of L, Cl, and C2. Since this
frequency is near the desired crystal frequency, it may be difficult
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to ascertain if the oscillation is crystal controlled. Frequency
jumps may be observed as L is tuned. This problem can be
eliminated by placing an inductor, Lo, in parallel with the crystal.
The inductor is chosen to resonate with C, at the desired opera-
tion frequency Lo provides a feedback path at frequencies well
below resonance of Lo and C,,, but the network of L, Cl, and C’s
prevents oscillation at these frequencies.

11.5 Butler Oscillator-Multiplier

The Butler oscillator-multiplier is similar to the Butler overtone
oscillator except that output is taken at the collector, which is
grounded via a parallel resonant L-C network. The L-C network
is tuned to a desired harmonic of the oscillation frequency The
highly nonlinear behavior of the Butler/Colpitts type of oscillator
configuration enhances the harmonic content of the current flow-
ing through the collector of &I.

The Butler configuration is used so that oscillation can be at
either a fundamental or an overtone crystal frequency The
oscillator-multiplier configuration is useful for

(a) Extending the frequency range of crystal-controlled
oscillators

(b) Increasing the deviation or modulation of 20 MHz and
higher crystal-controlled oscillators

The practical upper frequency limit of overtone bulk quartz
crystal oscillators is about 200 MHz. By taking output at a
harmonic of an overtone oscillator, the frequency range can be
extended to 600 MHz or higher. The Butler/Colpitts  circuit gen-
erates a significant amount of harmonic energy, and the resonant
output network enhances the signal level at the desired output
frequency

Because the pullability of crystal oscillators is inversely propor-
tional to the square of the overtone, significant deviation or
frequency modulation of VHF crystal-controlled oscillators is very
difficult. By operating the oscillator on the fundamental mode of
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the crystal and taking output at a harmonic of the oscillation
frequency, this problem is circumvented.

The disadvantages are reduced output level at the desired fre-
quency and spurious harmonic signals above and below the
desired frequency The level of the spurious signals is reduced by
decreasing Lout and increasing Gut, which increases the loaded
Q of the output resonator. At higher operating frequencies it is
difficult to achieve high loaded Q because Lout becomes vanish-
ingly small and Gout becomes large. Additional filtering of the
output is required for many applications.

11.5.1 Example

A 20 MHz fundamental-mode oscillator with output taken at 120
MHz is shown in Figure 11-10. The desired output, 120 MHz, has
the same frequency as that of the Butler overtone oscillator
example shown in Figure 11-8. However, in this case, the crystal
operates in the fundamental mode at 20 MHz. Although the
values are different, the circuit topology is almost identical to the
Butler overtone oscillator. An exception is the peaking inductor,
Lpeak, in the base of &I. Lpeak  resonates with Cl and Co to
enhance the feedback, and therefore the gain of the amplifier, at
the desired output frequency Lpeak can be adjusted to the opti-
mum value by observing the desired output and the other 20 MHz
harmonics on a spectrum analyzer. The optimum value Of Speak
maximizes output at the desired frequency and reduces the
output level of 20 MHz harmonics above and below the desired
frequency

The open loop responses for the oscillator-multiplier are evalu-
ated at the oscillation frequency Responses for this example are
given in Figure 11-11. Again, L is adjusted for a phase zero
crossing near maximum phase slope. A high gain margin, result-
ing in a greater degree of limiting, enhances nonlinear behavior
and results in greater harmonic content. Sustaining high peak
currents requires transistors with high gain and high Ft at
collector currents several times the quiescent bias current.
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FXgure 11-10 Butler overtone oscillator with frequency
multiplier.

The circuit tips suggested for the Butler overtone oscillator apply
to this circuit as well, particularly when this circuit is operated
with overtone crystals. If the oscillation frequency is on the
crystal fundamental, Lo is not necessary

11.5.2 Modulation

The crystal frequency may be pulled by reactance in series with
the crystal. This method may also be used to modulate the
frequency of the crystal oscillator. The very high unloaded Q of
the quartz crystal, even in the fundamental mode, prevents large
deviation and fast deviation rates. As the deviation or the devia-
tion rate is increased, the modulation sidebands become unsym-
metrical. This is readily observed using a spectrum analyzer.
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Figure 11-11 Open loop gain and phase responses (left) and
matches (right) for the 20 MHz oscillator with multiplier.

However, VCXOs are a natural choice for narrow-band systems
requiring stable sources. Typical applications might be phase-
locking a crystal oscillator to a system reference frequency or a
narrow channel telemetry link.

A varactor in series with the crystal can be used to modulate the
oscillator. FSK modulation can be applied to the oscillator-mul-
tiplier using the circuit in Figure 11-12. This circuit was devel-
oped by the author for use in a 300 MHz wireless security system.
Over 1 million of these units were produced. The transistor Qz is
used to switch the capacitor Ct in or out of the circuit. When Q2
is saturated, Ct is effectively shorted and oscillation occurs near
the series resonant frequency of the crystal. When Q2 is off, the
oscillation frequency is pulled up an amount dependent on the
value of Ct. The value of Ct therefore establishes the deviation.
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Figure 11-12 Butler overtone oscillator with switched tuning
capacitor for FSK modulation.

A PNP transistor is used for Qz. Rg is typically 10 kn and the
base resistor is 1.8 162.  When a modulation voltage that is more
positive than the emitter voltage of Q1 is applied, transistor Q2
is off. When a modulation voltage less than the emitter voltage
of Ql is applied, such as a logic low, Q2 is on.

11.6 References

[1] Robert J. Matthys, Crystal Oscillator Circuits, John Wiley &
Sons, New York, 1983.

[2] Michael M. Driscoll, Two-Stage Self-Limiting Series Mode
Type Quartz-Crystal Oscillator Exhibiting Improved Short-Term
Frequency Stability, IEEE Transactions on Instrumentation and
Measurement, June 1973, pp.130-138.





Case Studies

This Chapter utilizes the principles presented earlier to study
oscillators from the designer’s perspective. For each case we begin
with a specification, discuss the design qualitatively and then
proceed with the actual design. Each case is an oscillator which
satisfies a typical application requirement.

12.1 Assumed Specifications

Certain characteristics are unnegotiable in good oscillator de-
signs. Failure to achieve these basic objectives is an indication of
design flaws which often manifest themselves in unpredictable
and undesirable ways. Achieving these basic objectives is an
indication of design quality Among these desired objectives are
the following.

The output level and frequency should change smoothly with
supply variation from the start of oscillations up to a supply
voltage which threatens device thermal, voltage or current fail-
ure. Neither the output level or operating frequency should jump
or make sudden changes with smooth changes in the supplies.

There should be no discrete frequency components in the output
spectrum other than the desired output, integer harmonics of the
desired output or harmonics of the line frequency In addition,
reasonable levels of electromagnetic interference from external
sources are to be expected in the spectrum. For example, the
author’s lab is within sight of a 50 KW AM broadcast station
operating at 750 KHz and sidebands at this offset are often
observed in oscillator outputs.
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Other undesired spectral components are fractional harmonics of
the desired output such as 1/2, 1/3 or 1/4. These arise from
parametric pumping of tuning capacitors or active device junction
capacitance. Periodic variation of capacitance mathematically
can be shown to develop negative resistance at sub-harmonics of
the fundamental period. This is the basis of varactor diode
parametric amplifiers used for low noise applications before the
advent of low noise transistors. Negative resistance at sub-har-
monic frequencies can lead to undesired spectral components in
oscillators at those frequencies.

Another unnegotiable characteristic is that the output frequency
should change smoothly and monotonically with tuning voltage.
Monotonic means that a tuning voltage change in one direction
results in a frequency change in one direction.

Also, oscillation should not fail at any tuning voltage which the
system may apply to the oscillator. It is even more desirable that
oscillation not fail with a tuning voltage from 0 volts up to the
reverse breakdown of the varactor. However this requirement is
usually more stringent than absolutely required. High loaded Q
results in high RF voltage across the varactor and in certain
applications a minimum tuning voltage greater than 0 volts may
be required to avoid forward conduction in the varactor.

Certain other specifications are self-evident. A proposed
oscillator should be designed and tested to operate over the range
of environmental specifications. Important oscillator operating
and storage environmental specifications include temperature,
shock and vibration.

Vibration is an often overlooked requirement. Oscillators are
typically susceptible to vibration induced phase noise. These
problems can be severe in mobile and airborne applications. Even
fan bearing noise in fixed instruments can introduce noise.
“Dropping a 0.5 inch steel ball on the oscillator cover from a height
of 4 inches shall not cause the system to lose lock” is a typical type
of specification to manage these problems. Inductor vibration,
wire on ferrite cores (even for chokes) and small capacitance
changes induced by package vibration are common culprits.
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12.2 Low-Noise 91 O-920 MHz VCO

This requirement is a low noise 915 MHz VCO tuned +/-3 MHz.
The specifications are

V=JPPlY
lmax
Power output
Load impedance
Harmonics
Frequency
Tuning Voltage
SSB phase noise

1 KHz offset
10 KHz offset

+ 13.6 volts
<40mA
>3dBm
50 ohms
<-10dBc
912 - 918 MHz
0- 12volts

-85 dBc/Hz
-110 dBc/Hz

12.2.1 Initial Observations

The relatively high supply voltage and supply current, the rela-
tively low output level and no output level flatness specification
make realization of the amplitude characteristics straightfor-
ward. A harmonic specification of -10 dBc is not overly tight but
warrants consideration.

The first specification to cause concern is the frequency specifi-
cation: 912 to 918 MHz. The 6 MHz tuning bandwidth is only
0.66%. Narrow tuning per se is not a problem but it indirectly
implies a tight frequency tolerance. Can the oscillator achieve
this stability from unit to unit and with temperature. On stand-
ard PWB materials this would definitely require adjustment unit
to unit and might be difficult to maintain over temperature. This
problem could be resolved by having the varactor tune much
wider than necessary to correct for all sources of frequency error.
A detailed noise analysis is required to determine whether var-
actor modulation noise precludes extra tuning range.
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12.2.2 Noise Analysis

Shown in Figure 12-1 is a noise estimation screen from the
program =OSCILLATOR= [ 1 ] .  The center frequency and all other
specifications except the loaded Q were entered. The proposed
active device is a Mini-Circuits MAR3 MMIC amplifier which
draws 35 mA at the nominal operating voltage. A device flicker
corner of 3 KHz was estimated and the noise figure (6 dB) was
read from the Mini-Circuits data book [2] .  To allow some margin
for the frequency range and tuning voltage the oscillator is
designed to tune 10 MHz with a 5 volt tuning swing. The MAR3
is easily capable of +3 dBm output and the oscillator output level
was later measured to be 5.4 dBm midband.

Freg:  19151

01: 71

Fliclrer:  (3000

yt: ( 51

Ranges: (11

Flow: 150

Fb: m

Power: 15.4

Residuals_ RMS:

FM: 5.08444 Hz

PM: .020783  radians

-180 100 Hz

-0sc -

10 kHz 1 MHz

Var - Total

Figure 12-1 Phase noise estimation screen from the
=OSCILLATOR= program.
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It would seem that noise figure would be an important parameter
for achieving the desired noise performance. However, whether
we use a discrete amplifier design with an expensive low noise
transistor or an easy-to-use and inexpensive MAR3 the difference
in circuit noise figure is only a few decibels. As is typical in a
given application the only parameters at our disposal which have
a significant impact on the noise performance are the loaded Q
and the output power. Higher output power requires higher
supply current. Therefore, the loaded Q was increased until the
SSB phase noise performance plotted exceeded the specification
(-85 dBc/Hz at 1 KHz and -110 dBc/Hz  at 10 KHz) with 5 dB of
margin. The required loaded Q is 224. To avoid significant
resonator insertion loss an unloaded Q much higher than this is
required. A Trans-Tech standard profile TEM mode coaxial reso-
nator [3] loaded with ceramic material with a relative dielectric
constant of 38.6 (material 8800) was selected. The unloaded Q of
this resonator is over 400.

12.2.3 Proposed Oscillator

A schematic of the proposed oscillator is given in Figure 12-2. The
Mini-Circuits MAR3 is cascaded with a top-C coupled coaxial
resonator. Small (size 0805, 0.3 pF) AVX chip capacitors [ 4 ]
lightly couple to the resonator to achieve the desired loaded Q.
The low impedance of the high dielectric resonator reduces the
normally high voltage swing which would appear across a high
loaded Q resonator. This and the low value of capacitance in
series with the varactor help reduce the voltage across the varac-
tor. The varactor is a Metelics MSV34-075-E28 [5] .

The 5 nH inductor (a short loop of wire) at the output of the MAR3
tunes out the output capacitive reactance of the MAR3 and the 4
pF load coupling capacitor so the phase shift through the cascade
at the resonator frequency is zero degrees. The output is coupled
to a 50 load through a 4 pF capacitor at the MAR3 output. The
sole biasing elements are the 270 ohm resistor and the 47 pF
bypass capacitor. With a device operating voltage of 5 volts and
a supply voltage of 13.6 volts the operating current is just less
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270 ohm

5 nH

LOOP*

Figure 12-2 912 to 918 MHz VCO using a ceramic loaded
TEM mode coaxial resonator and an MAR3 MMIC amplifier.

than the nominal 35 mA of the MAR3 and well within the 40 mA
specification.

The open loop gain and phase responses and the group delay are
given in Figure 12-3. The solid traces are with the varactor at 3.4
pF and the dashed traces are with the varactor at 1.1 pF. During
the design process the coupling capacitors were reduced until the
group delay was over 77 nS. This corresponds to a loaded Q of
221.
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Figure 12-3 Open loop gain and phase responses (left) and
group delay (right) for the 912 to 918 MHz VCO. The solid
traces are with the tuning varactor at 3.4pF and the dashed
responses are at 1.1 pF.

12.2.4 Test Results

The circuit was constructed and the data in Table 12-1 was taken
using a 13.6 volt battery for the supply There is approximately
2 MHz of tuning margin. The tuning sensitivity is approximately
2 MHz/volt between 0 and 2 volts and 1 MHz/volt between 2 and
4 volts. At the upper end of the band it is 0.5 MHz/volt. The
output level varies less than 1 dB over the entire tuning range.

Given in Table 12-2 is the SSB phase noise performance at 0 volts
and 13.6 volts. This data is also placed as circles on the
=OSCILLATOR= SSB phase noise plot in Figure 12-1. Agree-
ment is excellent.
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Table 12-1 Measured output frequency, level and 2nd
harmonic level vs. tuning voltage for the coaxial resonator VCO

Vt (volts) fo (MHz) PO (dBm) 2nd (dBc)

0 909.9 4.8 -14
2 913.8 5.1 -14
4 915.8 5.3 -14
6 917.3 5.4 -14
8 918.5 5.4 -14
10 919.4 5.4 -14
12 920.2 5.6 -14

12.3 Ultra Low Cost 939 MHz VCO

This requirement is for a low cost VCO which tunes 939 f25 MHz.
The specifications are

VSUPPlY
l=JPPlY
Power output
Load impedance
Harmonics
Frequency
Vtuning
SSB phase noise

>I 0 KHz

-9.8 volts
<lo mA
>-3 dBm
50 ohms
<-6 dBc
939 k25 MHz
0 to -9.4 volts

<-70 dBc

Table 12-2 Measured SSB phase noise performance of the
coaxial resonator VCO

vt (volts) fm (Hz) SSB phase noise (dBc/Hz)

0 1000 -90
0 10000 -115
13.6 1000 -90
13.6 10000 -114
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12.3.1 Reducing the Cost

For this application cost is of extreme concern. We begin our
considerations with the relatively simple UHF VCO schematic in
Figure 9-l. To minimize cost we question the purpose and need
for every component in this design. We take advantage of the fact
that a short run on a PWB looks inductive when it is terminated
to ground and looks capacitive when it is open terminated. At
939 MHz these runs are short, consume little space and may
replace inductors and small values of capacitance. The final
result is a UHF VCO constructed with a PWB, three resistors, one
varactor, one transistor and no capacitors! The tuning voltage
even supplies power to the oscillator! The schematic is given in
Figure 12-4.

An inherent advantage of the negative supply common-collector
VCO in Figure 9-l is that all connections to the power supply are
through a high RF resistance path. This means that bypass
capacitors are not required on the supply line which saves a
capacitor in this case.

The function of C&t in Figure 9-l is twofold; to isolate the DC
resistance of the load resistor from the emitter and to transform
the load resistance to a higher value to avoid loading the emitter
to heavily The collector is grounded directly with this common-
collector negative power supply configuration. Recall from pre-
vious discussions that the output may be taken directly from the
collector. Therefore we DC ground the collector with a printed
trace which has 7.5 nH of inductance to ground and take output
directly at the collector. No capacitor is required because the DC
voltage is zero. The inductance provides a finite impedance
across which the output is developed.

The purpose of Cc in Figure 9-l is to isolate the base bias voltage
from the varactor tuning voltage. The left side of the transmis-
sion line resonator in Figure 9-l is grounded in the final oscillator
so no other return components are required. However we do need
a high impedance component to deliver a tuning voltage to the
varactor. At this point an unusual technique is considered. Both
Cc and Rt in Figure 9-l are eliminated if the base bias voltage is
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-
- 7 . 5  nH

Lc

2700 ohm

Lt SMV1104-34 >

NEGRV 2N5179
?14  nH

?4.2 pF

I,
Ce

2700 ohm Re

470 ohm I

2.2 pF

-

Figure 12-4 Ultra low cost VCO design. Lo Lt and Ce are
realized as printed elements.

used to bias the varactor. The bias network establishes the base
voltage at approximately 50% of the supply voltage. Therefore
the base voltages changes with the supply voltage. The narrow
tuning range of this requirement possibly could be satisfied with
a supply voltage range narrow enough to not disturb other
oscillator specifications.

The simulated input resistance and reactance for this design are
given in Figure 12-5. The solid responses are with the varactor
at 4.2 pF and the dashed responses with the varactor at 2.7 pF.
The required voltage range for an Alpha SMV1104-34 varactor
[6] is approximately 3 to 4.5 volts.

The emitter capacitor can be realized as a 300 mil square pad on
62 mil thick G-lO/FR-4 board with a dielectric constant of ap-
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-100 -100
339 939 lo39

RIN - XIN-

EL92
899 999
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Figure 12-5 Input resistance and reactance for the low cost
VCO. Solid traces are with the varactor at 4.2 pF and dashed
responses are at 2.7 pF.

proximately 4.8 to 5.4. The collector inductor can be realized as
a 10 mil wide 450 mil long straight line or loop. The resonator
inductor is a 10 mil wide 680 mil long line. This is the only critical
line length and must be carefully controlled.

12.3.2 Test Results

A prototype was built and the characteristics given in Table 12-3
were measured. The output level exceeds -3 dBm with a supply
voltage from 6 to 9.5 volts and the tuning range over this supply
range is 893 to 964 MHz. The frequency sweeps somewhat wider
than expected for this varactor apparently because without a
varactor the frequency increases with an increasing supply volt-
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Table 12-3 Measured output frequency, level and 2nd
harmonic level vs. tuning voltage for the ultra low cost VCO

vt (volts) fo (MHz) PO (dBm) 2nd (dBc)

4 836.2 -8.9 -20.7
5 866.2 -5.2
6 893.2 -3.0 -20.5
7 917.9 -1.7
8 939.2 -1 .o -24
9 958.2 -1.7
10 974.9 -6.0 -33

age. Previous considerations of this VCO configuration suggested
the harmonic levels when taking power at the collector might be
fairly high. In this case the harmonic performance is excellent.
This is probably because the 2N5179  transistor has less gain at
1.8 GHz than the microwave transistors used earlier. Also har-
monics are generated in this circuit by short duration current
spikes of relatively high current. The 2N5179  device gain de-
creases significantly at current levels above 20 mA.

The noise performance of this circuit at Vs = 6.8 volts is given in
Table 12-4. Notice that it easily satisfies the specified SSB phase
noise.

Table 12-4 Measured SSB phase noise performance of the
ultra low cost VCO

vs (volts) fm (Hz) SSB phase noise (dBc/Hz)

6.8 10000 -83
6.8 100000 -102
6.8 1000000 -119
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12.3.3 Varactorless VCO

The tuning sensitivity of the low cost VCO is approximately 20
MHz/volt at the nominal operating voltage of 8 volts. When the
supply voltage is changed the device junction capacitances also
change and tune the oscillator. If the required tuning range is
less then even the varactor may be removed and replaced with a
fixed capacitor. The resulting VCO characteristics with a 3.3 pF
fixed capacitor are given in Table 12-5. The tuning sensitivity
without the varactor is reduced to approximately 5 MHz/volt. The
output level is somewhat higher suggesting that losses in the
varactor reduce oscillator limiting and the resulting output level.

12.3.4 One Transistor, Resistor and Capacitor VCO

The ultimate in VCO simplicity is given in Figure 12-6. This 900
MHz VCO uses one transistor, one resistor and one capacitor. All
other components are printed elements. The design is similar to
the varactorless design in the previous section except the positive
supply must be bypassed to RF ground. This is accomplished with
a capacitive transmission line stub. Despite the simplicity it is a
practical design when positive and negative supplies are avail-
able.

Table 12-5 Measured output frequency, level and 2nd
harmonic level vs. tuning voltage for the ultra low cost VCO

vt (volts) fo (MHz) Po(dBm)

5 901.9 -8.7
6 906.1 -3.2
7 911.4 -0.5
8 916.6 +1.5
9 921.7 +3.0
10 926.6 +4.1
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12.4 Low Harmonic, Low Load Pull VCO

This requirement is for a 500 to 900 MHz VCO with all harmonics
less than -20 dBc and with low load pulling. The specifications
are

Vsupply
Isupply
Power output
Frequency
Tuning voltage

11 volts
cl 00 mA
>7 dBm
500 - 900 MHz
0 - 11 volts

+ Vc

NEGR

TLs 1 L=?300
H=62
W=lO
TLC

L=?390 I
H=62 I t - +

W=lO 47 pF

2N5179

TLt

Re
470 ohm

TLe
w=300
H=62
L=?300

Figure 12-6 VCO constructed using one transistor, resistor
and capacitor. The remaining components are printed on the
PWB.
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Harmonics c-20 dBc
Load impedance 50 ohms
Pulling, R.L. = 12 dB cl MHz/volt
Residual PM

30 Hz - 64 KHz co.2 radians

More than adequate power supply characteristics and tuning
voltage range are available for the required output level and
frequency range. Therefore, the specifications which drive this
design are the harmonic and specification pulling specifications.
The phase noise is specified as residual PM. This is addressed
later.

12.4.1 Harmonic Performance

In Section 3.6 the harmonic performance of an open-loop cascade
oscillator design is discussed. Factors that effect harmonic per-
formance are identified. In Section 6.9.2 the harmonic perform-
ance of a negative resistance oscillator was simulated using
Spice. These discussions illustrate that harmonic performance of
-20 dBc is aggressive and without attention -6 to -10 dBc is typical.
When an oscillator is used to drive a non-linear device such as a
mixer these higher harmonic levels are typically not a problem.
When improved harmonic performance is required the two most
useful techniques are external filtering and the choice of the point
within the oscillator for output coupling.

12.4.2 Output Filtering

Filtering the output spectrum is most useful for narrow tuned
oscillators. When the tuning bandwidth is an octave or more a
fixed filter is useless because the second harmonic when the
oscillator is tuned low is within the required output passband.
Narrow tuned oscillators avoid this difficulty and simple filters
are generally adequate. As the required tuning bandwidth wid-
ens the filter order become progressively higher. This is illus-
trated in Table 12-6. Given is the required filter order versus the
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needed additional harmonic attenuation and the oscillator tuning
bandwidth as a percentage of a full octave. The required order is
given for both 0.25 dB ripple Chebyshev lowpass  filters and
bandpass filters with a conventional lowpass  to bandpass trans-
formation[7].  The percentage of octave tuning is defined as

futuning % = 100% - - 1
L 1fi

12.1

No margins are allowed for passband  tolerance or loss in the filter
so the passband  of the filter should be designed slightly wider and
a somewhat higher filter order used. It is evident from Table 12-6
that with wide tuning the required filter order becomes extreme.

The rigorous definition of order in filters is the degree of the
denominator in the polynomial in s Gw) which defines the transfer
approximation. For all-pole lowpass  filters such as the Cheby-

Table 12-6 Required filter order versus oscillator tuning
bandwidth (percentage of octave tuning). A 0.25 dB ripple
Chebyshev response is assumed

Atten 10% 25% 50% 65% 80% 90%

10 BP 0.98 1.38
LP 2.74 3.16

20 BP 1.32 1.84
LP 3.66 4.22

30 BP 1.65 2.33
LP 4.61 5.31

40 BP 1.99 2.81
LP 5.57 6.41

50 BP 2.36 3.29
LP 6.53 7.51

60 BP 2.68 3.77
LP 7.48 8.61

2.11 2.75 3.93 5.80
4.15 5.16 7.07 10.22

2.82 3.68 5.25 7.75
5.55 6.89 9.45 13.66

3.55 4.64 6.61 9.76
6.99 8.68 11.90 17.21

4.28 5.60 7.98 11.78
8.44 10.48 14.37 20.78

5.02 6.56 9.35 13.80
9.89 12.28 16.83 24.34

5.75 7.52 10.72 15.82
11.33 14.08 19.30 27.90
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shev the order of a lowpass  filter is equal to the number of reactors
(inductors or capacitors) in the filter. After the filter is trans-
formed into a bandpass  the degree of the denominator is doubled.
Nevertheless, in Table 12-6 and much of the filter literature, the
order of a bandpass filter is defined as the order of the lowpass
prototype from which it is derived. The conventional bandpass
transformation results in two reactors (an inductor and a capaci-
tor) for each reactor in the lowpass  prototype. So in terms of filter
economy, for a given order listed in Table 12-6 the lowpass  is
favored over the bandpass by a factor of two.

Because we are attempting to filter harmonics a lowpass  filter is
suggested. For reasons discussed in reference [7], this does not
necessarily lead to the most economic filter. For example, in the
present case 80% tuning bandwidth and 14 dB of attenuation
requires an eighth order lowpass  versus a fifth order bandpass.
An eighth order lowpass  requires only 8 reactors while a fifth
order bandpass requires 10 reactors, so the lowpass  is favored.
However, for narrow tuning bandwidth the bandpass is heavily
favored.

Also, notice from Table 12-6 that narrow bandwidth requires
significantly lower order filters. A method of reducing the re-
quired filter order to suppress harmonics is to use a narrow
bandwidth filter and tune the passband  with the oscillation
frequency This has two disadvantages. It requires varactors in
the filter and tracking the frequency of the filter and oscillator
can be difficult.

12.4.3 Resonator Coupling

Both of these difficulties can be overcome with a clever technique.
The resonator in an oscillator is essentially a first order filter.
However, when the oscillator is designed with a high loaded Q,
the effective bandwidth of this filter is very narrow. The advan-
tages are twofold. Tracking is assured and additional varactors
are not required because the same resonator is used for oscillation
and for filtering. This technique is implemented by coupling
energy directly from the resonator.
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The oscillator given in Figure 12-7 to solve the current specifica-
tion uses this technique. It is the now familiar common-collector
negative resistance VCO with the resonator inductor being a
transformer. The inductance of each winding is similar to that of
the conventional uncoupled inductor.

This technique has disadvantages. Coupling directly to the fre-
quency determining element of the oscillator worsens load pull-
ing. Small changes in the load can significantly affect the
operating frequency and output level. This technique is risky in

-

-

5.5T EACH
U=l LARGE
OPPOSING SIDES

Figure 12-7 500-900 MHz VCO with improved harmonic and
load pulling performance.
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this application because the second specification driving the
design is a tight load pulling specification. To overcome this
difficulty, loose coupling is used. In this case a transformer
coupling coefficient, K, of 0.2 is selected. This results in relatively
low output level.

12.4.4 Buffering

A Mini-Circuits MAR2 MMIC amplifier buffers the transformer
coupled output signal. This both increases the low output level
and further improves the load pulling. Using an MMIC amplifier
offers low cost, flat gain, amplifier stability, a well defined imped-
ance to the transformer and a good output match. The load
pulling is improved because the reverse isolation of the MAR2
exceeds the forward gain by approximately 5 dB in this frequency
range.

To simulate the load pulling performance a very long 50 ohm
transmission line drives a 29.9 ohm output termination. This
resistance is a return loss of 12 dB in a 50 ohm system. Small
changes in the long line length rotates the phase of the mismatch
though all possible angles. A Monte Carlo run with 50 samples
of random line length are given in Figure 12-8. The vertically
slanted traces are the negative resistance oscillator input reac-
tance and the horizontal traces are the input resistance. The
oscillator is tuned to mid-range. Notice the expanded frequency
range of 1 MHz per division used to emphasize the load pulling.
The load pulling is fo.43 MHz, well within the specification.

12.4.5 Measured Performance

The circuit in Figure 12-7 was constructed and the tuning char-
acteristics are given in Table 12-7. At a supply voltage of 11 volts
the supply current is 52 mA. The 500 - 900 MHz range is covered
with a tuning voltage of approximately 0.5 to 8.5 volts. The
output level over that range is 8.3 to 10 dBm. The worst harmonic
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Figure 12-8 Monte Carlo run demonstrating load pulling.
The vertically slanted traces are the negative resistance
oscillator input reactance and the horizontal traces are the
input resistance.

performance is at the low end of the frequency range but is within
specification.

The current level in the VCO is approximately 17 mA and the
MAR2 current drain is 35 mA, slightly higher than expected. The
MAR2 output resistor could be increased slightly to drop the
current drain.

As an experiment, the MRF559 emitter resistor was increased to
1 00 ohms. This drops the oscillator bias current to 5 mA and
sre uces the oscillator output level presented to the MAR2. The

output level after the MAR2 was reduced by about 4 dB and was
less flat. All harmonics were improved by about 6 dB to worst
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Table 12-7 Measured frequency, output level, 2nd and 3rd
harmonic level vs. tuning voltage for the low-harmonic VCO

Vt (volts) fo (MHz) PO (dBm) 2nd (dBc) 3rd (dBc) 4th (dBc)

0 472.5 8.7 -20.6 -22.7 -33.0
1 527.5 9.8 -21.5 -21 .l -27.1
2 583.8 10.0 -29.3 -22.3 -26.3
3 645.0 9.8
5 757.3 9.2 -27.5 -29.7
7 851.3 8.5
9 911.3 8.2 -25.5 -31.8
11 947.5 7.0
13 977.5 5.2 -30.8

case levels of -26 dBc. This suggests that with the original 470
ohm MRF559 emitter resistance the oscillator output was driving
the MAR2 into gain compression which increased harmonics but
had the advantage of flattening the output level.

12.4.6 Noise Performance

The measured SSB phase noise is given in Table 12-8. The
residual PM could be measured directly with a modulation ana-
lyzer. Because a modulation analyzer was unavailable the follow-
ing technique was used. The noise analysis algorithm in
=OSCILLATOR= [1] was used to estimate the SSB phase noise
performance. The accuracy of this analysis was increased by
adjusting oscillator parameters in that program so that the
program estimated noise performance match measured SSB
phase noise data. The residual noise integration algorithm in
=OSCILLATOR= then determined the residual PM as displayed
in Figure 12-9. The 0.12 radians value is well within specifica-
tion.

The VCO tuning sensitivity in the actual circuit is 58 MHz/volt
at 3.02 volts where the phase noise performance was measured.
The tuning sensitivity required to match the measured noise data
was 500/22  or 22 MHz per volt. This suggests that the effective
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Table 12-8 Measured SSB phase noise performance of the low
harmonic VCO

vs (volts) fm (Hz) SSB phase noise (dBc/Hz)

3.02 10000 -97
3.02 100000 -118

noise resistance in the SMV1204-109 varactor used in this VCO
is lower than the 3200 ohms assumed for varactors in the
=OSCILLATOR= noise algorithm.

12.5 Higher Power Oscillator

This requirement is a fixed tuned oscillator at 837 MHz with a
minimum of +20 dBm output. It has a relatively loose frequency
tolerance and each unit is mechanically tuned during manufac-
ture. Electronic tuning is not required.

The specifications are

Vsupply
Isupply
Frequency @ 13.6 volts
Pushing
Power output

+13.6 fl volts
40 mA
837 Ei MHz
< 2 MHz/volt
> 20 dBm

12.5.1 Initial Considerations

The driving specification for this application is the output level
which must exceed +20 dBm. The available supply power at 12.6
volts and 50 mA maximum is 630 mW. The required output level
is 1 0 0  mW minimum which requires at least 16% efficiency.
While this is within the theoretical limits of class-A operation it
does not leave much margin for tolerance. Therefore we will
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IXI  Ufe Varactor

Residuals. RMS:

FM: 51.2942 Hz

PM: 0.124837 radian+

-80

-160 100 Hz 10 kHz 1 MHz

- osc - Var - Total

Figure 12-9 Predicted SSB phase noise and residual FM and
PM performance of the low harmonic VCO.

employ a bias configuration which is between class-A and class-C
to improve the efficiency

The operating class and quiescent bias power are primarily
responsible for the output level regardless of the oscillator type.
Therefore, for the sake of variety we will use a common base
negative resistance configuration. A proposed schematic is given
in Figure 12-10.

The bias scheme is simple and uses two resistors. A more complex
bias scheme is needed if greater temperature and device to device
bias stability is required. The large collector to base bias resis-
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tance  provides little base drive so the quiescent collector current
is modest. However, notice that the total resistance in the collec-
tor/emitter supply to ground path is quite low, only 10 ohms.
Therefore the peak collector current during RF drive is limited
primarily by the MRF559 transistor. The combination of modest
quiescent current and nearly unlimited peak current results in
higher operating efficiency than class-A biasing.

A final value of 27K ohms was selected for the base drive resistor.
Higher values of resistance improve efficiency but tend to result
in instability at certain supply voltage levels. This is likely the
result of device characteristic changes during signal build-up
transition from very low bias to class-C operation.

MRF559
100 nH

Cout

It+
27 pF

Rb

27000 ohm

T Cb’

Figure 12-10 Schematic of the high output level oscillator.
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Unlike previous oscillator examples the supply is inductively
coupled to the collector instead of resistibly coupled. Therefore
the entire dissapative load at the collector is the output load
resistance. This heavy coupling results in degraded load pulling
performance but increased operating efficiency

The base choke, Lb, is used to develop negative conductance at
the emitter. As discussed in Section 2-26, the common base
configuration limits along a constant susceptance curve of an
admittance Smith chart. It therefore uses a parallel resonant
circuit.

Given in Figure 12-11 on the left are the negative resistance and
reactance looking into the emitter across the parallel resonator.
On the right in Figure 12-11 is S11 plotted on an impedance Smith
chart with a normalized resistance of -50 ohms.

12.5.2 Measured Results

A prototype unit was constructed and the measured charac-
teristics are given in Table 12-9. The output characteristics were
well behaved with instabilities or sudden changes with supply
voltages from 5 volts where oscillation begins through 20 volts
where device dissipation limits are approached. The DC supply
power to output power efficiency improves with increasing supply
voltage to 35% for supply voltages above 17.5 volts. At a supply
voltage of 20 volts the output level is +26.2  dBm or 417 mW. At
the specified 13.6 k1 volts supply range the output level is +21.4
to 22.2 dBm, well above the +20 dBm specification limit. The
efficiency in this range is approximately 30%.

For a supply range of 7.5 to 20 volts the frequency change is only
4.5 MHz. This excellent pushing performance is indicative of a
high quality design. At the specified operating voltage pushing
is only 0.5 MHz/volt.

Although unspecified, the second harmonic and SSB phase noise
performance are also given in Table 12-9. Particularly interesting
is the noise performance. Notice the SSB phase noise at 10 KHz
offset improves with increasing output and tracks with the output
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Figure 12-11 Simulated input resistance and reactance (left)
and ,311 (right) for the high output level negative resistance
oscillator.

level within a few decibels up to a supply of +15 volts just as
predicted by Leeson’s  equation. Above 15 volts the SSB phase
noise performance begins to decrease with increasing level. This
is very likely the result of degraded device noise figure with
increasing collector current.
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Table 12-9 Measured characteristics of the high output level
oscillator

Vs(volts) Is(mA)  Po(dBm) q(%)  fo(MHz) 2nd(dBc)  $-noise(dBc/Hz)
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20.0 60 26.2 35 837.8 -18.0 -95
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